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Abstract

Power amplifiers are essential components in the transmit chain of RF communica-

tion systems. Most commercial applications fall within the sub-6 GHz bands, with

mobile communication networks being a notable example. Since the inception of

these networks, considerable efforts have been made, and continue to be made, in

both industry and research to design linear and power-efficient architectures. Tech-

niques employed to improve peak efficiency exploit harmonic terminations, whilst

load modulation techniques remain a mainstay for applications requiring signals

with a high peak-to-average power ratio (PAPR).

There is a growing demand for higher data rates, with new spectrum allocation

opening up in the mm-wave bands, enabling advancements in mobile networks and

satellite applications. However, this presents numerous challenges, as it is not simply

a matter of replicating developments from sub-6 GHz frequencies to mm-wave bands.

Numerous challenges exist in device development, including wafer growth and

fabrication. System-level engineers must contend with higher path loss and greater

signal complexity, while power amplifier designers face the challenge of designing

with transistors with lower gain and higher parasitics. This thesis focuses on mm-

wave characterisation systems, emphasising the improvement of measurement relia-

bility and accuracy. This focus is motivated by the desire to improve the quality of

data used to generate device models, which, in turn, can increase the success rate

of device tape-outs.

This work presents a state-of-the-art mm-wave harmonic load-pull system with

waveform measurement capability operating up to 100 GHz. The calibration pro-
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cedure and configuration of the system to perform waveform measurements are

detailed, with a strong focus on achieving accurate and reliable measurements.

Mechanical fixtures were designed to support measurement fixtures and avoid any

degradation in the phase alignment at the phase meter measurement plane to achieve

reliable waveform measurements. For the first time, multi-harmonic load-pull and

waveform measurements are demonstrated on a 27.5 GHz GaAs pHEMT, which

showed an improvement of power-added efficiency over fundamental tuning of greater

than 3%.

The primary focus was to ensure reliability and accuracy in practical active and

passive mm-wave load-pull systems. It was determined that achieving highly ac-

curate measurements for high-power load-pull requires a dynamic range of 70 dB

during the vector calibration stage. However, this is not trivial due to the attenua-

tion needed on the VNA receivers to prevent saturation.

Unavoidable calibration errors also arise when configuring a mm-wave system

for device measurements. It was shown that mechanical alterations to the system

introduce changes to the equivalent network parameters, resulting in load-dependent

errors. These effects become more pronounced at higher frequencies.

To address this, a second-step method was developed to extend the traditional

large-signal calibration procedure. This approach effectively ’recalibrates’ the sys-

tem in its final measurement configuration. The technique involves performing a

load-pull measurement on a thru calibration standard and applying a least-squares

fit to the measured waves to determine a new S-parameter matrix, which is then

used to recalculate the TRL error box. This technique was demonstrated on the

measurement of a GaAs pHEMT at 82.5 GHz, improving the accuracy of the PAE

by 8%.
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Chapter 1

Introduction

1.1 Motivation

Since the inception of the first mobile communication systems (1G) in 1982, the de-

mand and requirement for greater data rate and connectivity have expanded rapidly

with the development of subsequent mobile networks (2G, 3G, 4G, and 5G). The

systems have become ever more complex to facilitate this growth, with modulation

schemes to encourage spectral efficiency and higher carrier frequencies to accommo-

date growing modulation bandwidths. This growth is matched by an ever-increasing
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Figure 1.1: The reported and forecasted global total mobile network data traffic per
month by system, published in [1] in 2024.
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customer demand, as shown in the following figures.
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Figure 1.2: The reported and forecasted average mobile data per smartphone per
month by region, published in [1] in 2024.

Figure 1.1 shows that over time, not only is the demand for mobile data increasing

year on year, but the market share for 5G is becoming a significant proportion of

that demand, with its higher capacity and data rate against the other systems [1].

This trend can be split by region, shown in Figure 1.2; globally, the forecasted

average amount of data a user demands is increasing yearly in all parts of the world

[1]. These trends require the technology employed by the network operators to

match these market-driven demands.

The latest generation (5G) is the first mobile network that has looked to expand

beyond the sub-6-GHz frequency range. However, the bulk of the network relies on

the FR1 bands [2] (694-790 MHz and 3.4-3.8 GHz), the FR2 bands (24-27.5 GHz and

26.5-29.5 GHz) has been allocated to mm-wave bands to accommodate short-range

high bandwidth links.

With the advances in solid-state device technology over the legacy TWTA’s,

satellite networks are also becoming promising solutions that offer low latency and

high-speed internet connectivity, with the LEO satellite market expected to grow

from $33.37 billion in 2023 to $102.9 billion by 2032 [3]. To deliver these outputs, the

use of mm-wave frequencies is becoming commonplace, with spectrum available [4]
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at X-band (7.25-7.75 GHz and 7.9-8.4 GHz), Ku-band (10-13 GHz and 14-18 GHz),

Ka-band (17.7-21.2 GHz and 27.5-31 GHz), Q-band (37.5-51.4 GHz) and E-band (71-

76 GHz and 81-86 GHz).

For the rollout of mm-wave technology to be successful, several technological

challenges must be overcome across several disciplines.

Figure 1.3: Flow Chart describing a typical power amplifier design flow chart

Figure 1.3 outlines a typical power amplifier design flow. The first step involves

characterising transistor unit cells. Semiconductor foundries typically supply these

as bare dies, which must be mounted onto a carrier plate by the designer before

they can be probed on a probe station. Tests include DC-IV and S-parameter

measurements from low frequency up to at least the highest frequency of interest.

In practice, measurements are usually taken to the upper limit of the available

equipment to enable comprehensive comparison with the simulation models. Load-

pull measurements may also be performed at this stage to provide a more complete

dataset, enabling comparison of DC, small-signal, and large-signal performance.

When designing with a foundry process, the foundry usually supplies a device

model. This is an encrypted simulation model compatible with the designer’s soft-

ware (e.g., MWO or ADS). The model is intended to replicate the behaviour of

the physical device and to be fully scalable across frequency, periphery (gate fingers

and gate width), input power, temperature, and bias conditions. Achieving a fully

scalable and accurate model requires a modelling technique capable of encapsulating

all of these parameters and scaling them correctly. Additionally, developing such

a model would require the foundry to undertake an extensive measurement cam-

paign and subsequently validate the extracted model. This level of characterisation
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is rarely performed due to the substantial resources required for each technology.

Instead, the foundry typically selects a limited set of parameters from each char-

acteristic and extracts a model that only loosely represents the physical device.

Consequently, characterising sample devices is essential in order to understand the

magnitude and nature of the model error.

After validating the model, the designer can proceed with simulation and layout

generation. The layout is then submitted to the foundry for fabrication. Foundries

commonly offer shared wafer runs, allowing multiple customers to share the cost

rather than purchasing an entire wafer.

Once fabrication is complete, the wafer is diced, and the foundry performs basic

continuity tests before singulating and shipping the dies to the customer.

The designer then performs RF testing, including S-parameters and large-signal

measurements, and compares the measured performance with the simulated results.

Ideally, the two would be similar, allowing the design to progress to production

and packaging. At mm-wave frequencies, however, this is rarely the case due to

process variability and limitations in model accuracy. If the design does not meet

the required specification, an additional design iteration is necessary. Each iteration

incurs significant cost and delay, which can determine the commercial viability of

the product. For example, a 6-inch wafer of 0.15 µm GaN-on-SiC devices can cost

between $50,000 and $100,000.

This design flow highlights the importance of understanding the accuracy and

limitations of both the models and the unit cells. Such understanding can only

be achieved with a measurement system that is capable of performing the required

characterisation over the full frequency and power ranges of interest, together with

measurements of adequate accuracy to provide a reliable representation of the device.

The primary aim of this thesis is therefore to develop characterisation methodolo-

gies that enhance both the capability and the accuracy of on-wafer measurements,

enabling the reliable optimisation of transistors for mm-wave power amplifier appli-

cations.
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1.2 Research Objectives

To advance the field of mm-wave characterisation, the aim of this thesis is to offer

characterisation methodologies to accurately measure and optimise on-wafer tran-

sistors for use as mm-wave power amplifiers; several objectives have been defined to

set out criteria for success. These are as follows:

The first objective is to present a first-of-its-kind mm-wave source/load-pull mea-

surement system by demonstrating the calibration and measurement of on-wafer

GaN and GaAs devices across the frequencies of interest for next-generation com-

munication systems, in particular Ka-band and E-band. This involves fundamental

and multi-harmonic load-pull measurements.

The second objective is to evaluate mm-wave load-pull measurement systems,

including Cardiff University’s passive and active systems, to understand the best-

case accuracy that can be achieved and the mechanisms for error.

The third objective is to develop a correction methodology that can easily be

implemented into any practical measurement system, using the information learned

from the second objective, to ensure optimal accuracy of mm-wave load-pull systems.

1.3 Chapter Summary

The objectives above are achieved across the thesis with three literature review

chapters that provide a technical background and build upon the motivation for the

research chapters that present the state-of-the-art mm-wave measurement systems at

Cardiff University and the activities to produce accurate and reliable measurements.

The details of each chapter are discussed:

Chapter 2 - RF Measurement Techniques provides technical background on

RF measurements, with a detailed discussion on the hardware required to perform

on-wafer mm-wave measurements, such as the vector network analyser, coaxial con-

nectors and on-wafer probing techniques. The chapter discusses S-parameters and

large-signal techniques, with load-pull measurements being the primary focus.
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Chapter 3 - Error Correction Methods builds on the measurement literature

review chapter and describes the error correction techniques essential for evaluat-

ing device performance at the terminals of a device. This provides the technical

background for research chapters 5, 6 and 7.

Chapter 4 - Device Modelling is a literature review chapter that covers the

background of device modelling, describing the different methods used to model

devices. This section aims to provide context and the motivation for performing

and optimising the accuracy of mm-wave measurements.

Chapter 5- Millimetre-wave Harmonic Source/Load-pull Measurement

System is the first research chapter and discusses a first-of-its-kind measurement

system at Cardiff University that is capable of performing passive multi-harmonic

source/load-pull up to 110 GHz on a single sweep. The system can capture current

and voltage waveforms up to a maximum frequency of 100 GHz which allows for the

future optimisation of mm-wave devices. The chapter details the error correction

process flow, and special attention is paid to the techniques employed to achieve

accurate and reliable measurements.

Chapter 6 - Error Correction Uncertainty Evaluation for mm-wave

Load-pull Systems. This chapter builds upon the conclusions from the mm-

wave measurement system chapter and analyses the mechanisms contributing to

uncertainty when measuring on-wafer devices at mm-wave.

Chapter 7 - Error correction Enhancement Technique for Accurate

Millimetre-wave Load-pull Measurements chapter describes a technique that

compliments a standard large-signal calibration process and is used to reduce cali-

bration error analysed in Chapter 6.

Chapter 8 summarises the thesis, draws conclusions from the set of works, and

provides suggestions for future work that builds upon the findings of this thesis.
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Chapter 2

RF Measurement Techniques

2.1 Introduction

This chapter provides the background on the techniques required to perform accurate

RF measurements, which is central to the work of this thesis. This includes the

general principles of the hardware, connectors, and probing techniques, which require

detailed knowledge to achieve high-accuracy, repeatable measurements. The chapter

describes the underlying small and large signal RF measurement techniques for

characterising RF devices.

2.2 Hardware and Instrumentation

2.2.1 Power Meter

The power meter is an essential piece of equipment in any RF laboratory, measuring

RF power in a system or circuit. These devices remain fundamental to measurement

systems, especially in cost-sensitive setups, and are used in scalar systems to collect

information on a DUT’s amplitude-related parameters. Even in more complex mea-

surement systems that use vector network analysers, power meters are still used to

provide an absolute power reference for the measurements.

Power meters are implemented in various ways, but fundamentally, they consist
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of a sensor that collects and converts RF energy into a DC voltage. A factory

calibration correlates this voltage to the RF power using a known reference source

[1].

Most sensors use thermal conversion techniques, where the RF power is absorbed

into a load, and the temperature is measured using a thermopile thermocouple or

a thermistor [1]. These techniques, especially the thermistor-based sensor, offer

a high-accuracy average power measurement; In the frequency bands of interest

for this work, a new factory-calibrated high-accuracy power meter can provide an

uncertainty of absolute power measurement of ±0.12 dB between 26-40 GHz and

±0.28 dB between 95-110 GHz [2]. However, their dynamic range is limited by the

sensitivity; the R&S thermal power meter [3] can measure a minimum power of

approximately -35 dBm.

Figure 2.1: Rohde & Schwarz NRP110T power meter [4].

The other approach involves the diode detection of RF power, which converts

the RF to a rectified DC signal. These can be used for peak and average power mea-

surements but have lower accuracy. In the frequency bands of interest for this work,

a new factory-calibrated high-accuracy power meter can provide an uncertainty of

absolute power measurement of ±0.21 dB between 30-40 GHz and ±0.38 dB between

67-90 GHz [2]. These power meters have a higher dynamic range than thermistor-

based meters [5] and can be extended even further by using multiple path diode

detectors, with a minimum power of around -70 dBm for commercial power meters

[3].
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2.2.2 Vector Network Analyser

The Vector Network Analyser (VNA) is a frequency-domain measurement tool for

characterising microwave network parameters. It measures both the amplitude and

relative phase of a device under test (DUT), offering a more comprehensive data

set than legacy scalar measurement equipment (Power meters) that only measures

amplitude quantities.

(a) ZVA67 [6] (b) PNA-X [7]

Figure 2.2: Commerical VNAs showing (a) ZVA67 by Rohde & Schwarz and (b)
PNA-X by Keysight Technologies.

VNAs were introduced in the 1960s and have become essential equipment in

most laboratories. One of the earliest and most well-established VNAs in labs in

the 1980s was the HP 8510[8]. Since then, the functionality of VNAs has signif-

icantly expanded to cover a broader range of use cases. Figure 2.2 illustrates two

commercially available VNAs: the ZVA67 from Rohde & Schwarz and the PNA-X

from Keysight Technologies.

Operation

A simplified block diagram of a VNA is shown in Figure 2.3. A switched source

injects a signal at a given frequency into port 1 or 2. A dual directional coupler

samples the incident and reflected signals as a1,m, b1,m, a2,m and b2,m. The sampled

waves are then down-converted to an intermediate frequency (IF), as a1,IF , b1,IF ,

a2,IF and b2,IF and digitised. After signal processing, the scattering parameters are

displayed. This process repeats for the entire frequency sweep.
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Figure 2.3: Simplified block diagram of a Vector Network Analyser.

Modern VNAs employ significantly more complex architectures than shown in

Figure 2.3, with an expanded range of features. It is common to find VNAs with

direct receiver access, which enables the operator to bypass the port reflectometer

and directly interface with the measurement receivers. This capability allows for

reconfigurability and is essential for applications like load-pull measurements, where

versatility is crucial.

Another advancement in high-end VNAs is the integration of digitally controlled

sources that use an NCO. These sources provide precise phase control, essential for

modulated and nonlinear measurements.

Commercially available instruments can now perform single-sweep measurements

up to 220 GHz [9]. Higher frequency measurements are achievable in waveguide-

banded solutions, which use up/down conversion techniques to measure devices up

to terahertz frequencies [10].

Parameters

The VNA has several settings to configure measurements, such as frequency,

11



power, and tools to visualise data in different formats. However, this section will

focus on the parameters that directly impact a measurement’s quality.

The IF bandwidth is an important parameter for VNA measurements; it defines

the bandwidth of the IF filter after down-conversion from RF. A reduction in the

IF bandwidth increases the measurement time but also lowers the noise floor of

the receiver due to a decrease in the thermal noise power, shown in the standard

equation below:

PN = kT∆fc (2.1)

where k is the Boltzmann constant, T is the temperature and ∆fc is the IF filter

bandwidth.

The ideal thermal noise in a matched environment at room temperature is -

174 dBm/Hz, which is degraded by the noise figure of the instrument and the hard-

ware connected to the VNA. The receiver noise floor can be adjusted by changing

the IF bandwidth or applying averaging. Since thermal noise is Gaussian by nature,

increasing the averaging by a factor of 10 reduces the noise floor by 10 dB. Similarly,

reducing the IF bandwidth by the same factor achieves the same result.
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Figure 2.4: VNA dynamic range.

The maximum dynamic range of a VNA receiver is defined by its noise floor (the

minimum detectable signal level) and compression point (the maximum signal level
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Figure 2.5: An example of a VNA receiver measured power versus swept input power
showing the linear and nonlinear regions of a receiver.

it can accurately measure).

Figures 2.4 and 2.5 illustrate this concept from two perspectives. Figure 2.4

presents a spectrum plot showing a peak at a single frequency, while Figure 2.5

shows a power sweep of the receiver.

In the power sweep, three regions are highlighted. The first is the noise floor,

below which the signal power is too low and is indistinguishable from the thermal

noise power. The second is the linear region, where the receiver exhibits a linear

measured response to the input signal. For highly accurate VNA measurements,

the receivers must operate in this region. Finally, as the measured receiver power

increases beyond the linear region, compression is reached; this is where the receiver

begins to exhibit a nonlinear measured response. This region must be avoided due

to the reduced measurement accuracy, which cannot be fixed by error correction

techniques, which will be discussed later.

In modern VNAs with direct receiver access, the receiver compression point

typically occurs around -5 dBm [1].

The VNA integrates all the coaxial and on-wafer error correction algorithms,

allowing the user to directly measure a DUT’s response at any given reference plane;

these techniques will be described in a later chapter.

13



2.2.3 Coaxial Fixtures and Connectors

Coaxial connectors and cables are essential for connecting hardware in microwave

systems, and their construction plays a vital role in minimising transition loss. Ta-

ble 2.1 shows the standard list of commercial coaxial connectors.

Table 2.1: Microwave and mm-wave coaxial connectors [1].

Connector Type Maximum Frequency Compatible with

SMA 18 GHz 3.5 mm and 2.92 mm

3.5 mm 26.5 GHz SMA and 2.92 mm

2.92 mm 40 GHz SMA and 3.5 mm

2.4 mm 50 GHz 1.8 mm

1.85 mm 67 GHz 2.4 mm

1 mm 110 GHz /

0.8 mm 145 GHz /

The SMA connector is most commonly used for microwave fixtures due to its

low cost, compact footprint and frequency performance. However, as the system

frequency increases beyond 18 GHz unwanted modes propagate in the connector

caused by the dielectric constant of the centre pin support structure [1]. For the

SMA connector, it is a solid dielectric made from PTFE.

(a) SMA [11] (b) 3.5mm [12]

Figure 2.6: Microwave coaxial connectors.

The key difference between the SMA and 3.5 mm connectors lies in the dielectric

support structure. Figure 2.6 illustrates male SMA and 3.5 mm connectors. In the
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SMA connector, the dielectric fully supports the centre pin. In contrast, the 3.5 mm

connector features a more complex support structure that is not directly visible

when looking into the connector. The support structure is modelled in Solidworks

in Figure 2.7.

(a) Front (b) Rear

Figure 2.7: 3D model showing the dielectric bead holding the centre pin.

Figure 2.7 presents a 3D model of the centre pin and the dielectric support struc-

ture of the 3.5 mm connector. At the base, a thin layer of dielectric material encases

the pin. To maximise mechanical support while minimising dielectric loading, the

material is blind drilled in a pattern of three holes from both directions, offset in a

regular pattern.

A similar support structure is used to support mode-free propagation beyond

26.5 GHz, but the dimensions are reduced for each subsequent connector in Table 2.1.

2.2.4 Microwave Probing

It is common practice for microwave circuits to build connectorised test fixtures,

which allow for measurement using coaxial connectors and cables. For device-level

characterisation, this practice introduces errors in repeatability and relies upon ac-

curate de-embedding of the test fixture.

Microwave probes, shown in Figure 2.8, can be used for enhanced accuracy. A

Ground-Signal-Ground (GSG) probe consists of a coaxial connector to probe tip

transition, with the probe tip made up of three contact fingers with the signal probe

at the centre; they are designed to minimise crosstalk and come in different probe

pitches (probe to probe spacing) for mm-wave, this ranges from 50-200 µm [13].
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Figure 2.8: On-wafer 200 µm T-Plus GSG probes.

Figure 2.9: On-wafer multi-finger microstrip transistor layout with feeds and CPW
landing areas.
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Test and calibration structures must be fabricated to fit the desired probe con-

figuration. Figure 2.9 illustrates an example of device-level characterisation. At the

centre is the core device; either side consists of a feed line and a CPW landing area

for the GSG probes, which must be specifically designed to achieve accurate mea-

surements; a reference guide is shown in [14]. The CPW pads consist of markers

that show the operator where to land the probe and the overtravel required to obtain

consistent and repeatable measurements.

2.3 Measurement Techniques

2.3.1 Scattering Parameters

At microwave frequencies, the dimensions of the transmission lines become com-

parable to the wavelength. As a result, the voltage/current amplitudes cannot be

considered constant along a line, unlike in low-frequency analysis, where transmis-

sion lines are modelled by lumped elements. To apply network analysis techniques

to microwave circuits, the concept of power flow and the scattering parameters are

introduced [15][1].

Figure 2.10: Two-port network.

The analysis begins with defining a test circuit, as shown in Figure 2.10. In this

circuit, a network is driven by a source generator, represented by a sinusoidal time-

varying voltage source, VS, and a source impedance, ZS. The network is terminated

with a load impedance, ZL.
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VS(t) = |VS| cos(ωt + θ) = |VS| ej(ωt+θ) (2.2)

Expressing time-domain quantities as travelling waves in the forward and reverse

direction, where the port is denoted, n:

Vn = V +
n + V −

n (2.3)

making the assumption that ZS = ZL = Z0 (port impedance) :

V +
n =

1

2
(Vn + Z0In) (2.4)

V −
n =

1

2
(Vn − Z0In) (2.5)

Equations (2.4) and (2.5) represent the generalised travelling waves at port n.

an =
Vn + Z0In

2
√
|Re(Z0)|

(2.6)

bn =
Vn − Z∗

0In

2
√

|Re(Z0)|
(2.7)

The generalised travelling waves can be converted into normalised power waves,

where a and b are defined as the forward and reverse power waves, respectively.

Their definitions are shown in equations (2.6) and (2.7).

Based on these definitions, a set of wave ratios can be defined to characterise

any two-port network.

S11 =
b1
a1

∣∣∣∣
a2=0

S12 =
b1
a2

∣∣∣∣
a1=0

S21 =
b2
a1

∣∣∣∣
a2=0

S22 =
b2
a2

∣∣∣∣
a1=0

(2.8)
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The scattering parameter matrix is an n × n set of travelling wave ratios and

can be used to characterise any linear n-port network. Although the focus is placed

on microwave frequencies, the definition of S-parameters holds for lumped circuits.

Equation 2.8 shows the S-parameters for a two-port network.

Scattering parameters (S-parameters) are a linear measurement technique used

to characterise a device’s small-signal response. Unlike impedance or admittance pa-

rameters, S-parameters require the load impedance to match the system impedance,

which is typically 50 Ω in microwave systems, which results in the condition of a1 = 0

or a2 = 0.

The key advantage of S-parameters versus impedance or admittance parameters

is their practicality in measurement. They avoid the need to terminate the cir-

cuit with an open or short circuit, which is challenging to implement in microwave

structures such as waveguides or microstrip environments.

The parameters consist of a reflection coefficient, S11 and S22 that quantifies

the mismatch between the system and the network input/output impedance. The

transmission parameters, S21 and S12, describe the transfer properties from input to

output and vice versa. As shown in equation 2.9, the system of scattering parameters

can be generalised into a set of matrix equations that describe the response, b, of a

device to some impulse, a, and the scattering parameters.


b1
...

bn

 =


S11 . . . S1n

...
. . .

...

Sn1 . . . Snn

 ·


a1
...

an

 [1] (2.9)

The foundry model S-parameters from an NP-12 4 × 50µm Win Semiconductor

common-source transistor are presented, biased at maximum gm of VD = 28 V and

VG = −1.2 V.

The standard 2-port S-parameters are presented in Figure 2.11, with the input

and output reflection parameters S11 and S22, shown, respectively.

The S-parameters can be used to calculate performance metrics such as the
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Figure 2.11: Reflection and transmission scattering parameters of a foundry mod-
elled 4 × 50µm transistor up to 110 GHz.

(a) K-Factor (b) MAG and MSG

Figure 2.12: Transistor parameters of a foundry modelled 4 × 50µm transistor up
to 110 GHz.
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device’s stability and maximum available gain, shown in Figure 2.12.

Due to the combination of high gain and feedback between the output and input,

devices can exhibit conditional stability for specific input and output impedance ter-

minations. The Rollett stability factor, K-factor, is a method that was developed to

indicate whether a device’s stability depends on the passive source or load impedance

presented to the device. It is an important stability metric that serves as a guide to

designers to ensure that transistors do not operate as oscillators [16].

K =
1 − |S11|2 − |S22|2 + ∆S

2

2|S21S12|
(2.10)

where ∆S = S11S22 − S21S12.

The definition of the K-factor is not mathematically sufficient to determine sta-

bility; it is tied to another condition:

|∆S| < 1 (2.11)

If the source or load stability circle lies within the Smith chart (ΓL or ΓS < 1), the

device is conditionally stable corresponding to K < 1. Conversely, if the device’s

stability is independent of the passive source or load impedance, it is considered

unconditionally stable, with K ≥ 1 and |∆| < 1. The device is unconditionally

stable in Figure 2.12(a) when f > 42 GHz.

This technique is the most popular stability metric, but it is only valid for

analysing stability at a device’s input and output terminals; other methods for

determining stability within the network involve pole and zero analysis but are not

discussed any further in detail in this thesis.

The other metric in Figure 2.12(b) is the Maximum available Gain (MAG). The

transmission parameter S21 represents the transmission when the device is termi-

nated in 50 Ω, whereas MAG assumes the device is conjugately matched at both

the input and output. The figure shows a breakpoint at 42 GHz because MAG is

defined only when the device is unconditionally stable (K ≥ 1).
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MAG = (K −
√
K2 − 1)

|S21|
|S12|

for K > 1 (2.12)

The Maximum Stable Gain (MSG) is used for frequencies where K < 1.

MSG =
|S21|
|S12|

for K < 1 (2.13)

The reflection parameters from Figure 2.11 can be used to achieve a conjugate

match at the source and load of the DUT, resulting in a reflectionless match.

2.3.2 Large-signal Measurements

To maximise the output power in real transistors, alternative techniques must be

used as opposed to S-parameters; this is because real devices are voltage or current-

limited, this is a point of discussion by Cripps in [17]. The current generator is

limited by the gate Schottky diode conduction and channel saturation, whilst the

voltage is limited by device breakdown and resistive effects [18].

In ideal cases where a device has no parasitic effects, is biased in class A and

operates in the linear region, a graphical technique called the load-line method can

be used to select the load impedance required to deliver maximum output power

to the load. With reference to Figure 2.13, the load line technique involves plotting

the DCIV characteristics and tracing out a diagonal line from the maximum current

to the maximum voltage; the gradient of this line represents the load impedance

required to obtain the maximum voltage and current swing and, hence, maximum

output power. The optimal load, Ropt, is given by:

Ropt =
Vmax

Imax

(2.14)

The plot from [18] was recreated to show a comparison between a conjugate

match and a load-line match using DCIV data from the foundry model of the NP-

12 4 × 50µm Win Semiconductor common-source transistor.

Figure 2.13 shows the load trajectory of two matching strategies. The conjugate
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Figure 2.13: DCIV plot showing the load trajectory for a conjugate match (blue)
and a load-line match (red).

match achieves a full voltage swing but results in a current swing that is not max-

imised, whilst the load-line match equalises both the voltage and current swing to

achieve maximum output power.

When accounting for the complexities of real devices, such as parasitics, which

introduce frequency dependence and compression, which produces non-linear fre-

quency components, the load-line technique becomes impractical, requiring alterna-

tive methods.

Figure 2.14: Simplified equivalent circuit of the output of a transistor.

A simplified equivalent circuit of the output of a microwave transistor is shown

in Figure 2.14. It shows the intrinsic current generator ID, and equivalent parasitic
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output capacitance, Cout. This section will demonstrate the load-pull technique that

is used to determine the optimum loading conditions to maximise power transfer and

other performance metrics.

In large-signal measurements, the same definition for power waves is used from

(2.6) and (2.7) but now re-expressed to include a harmonic frequency index.

an,h =
Vn,h + Z0In,h

2
√

|Re(Z0)|
(2.15)

bn,h =
Vn,h − Z∗

0In,h

2
√
|Re(Z0)|

(2.16)

Fundamental quantities to the characterisation and design of microwave power

amplifiers are related to the power, gain, efficiency and reflection coefficients.

The power related terms are the available power, Pav, delivered input power, Pin

and output power, Pout which can be calculated from the power waves using:

Pav (W ) = |a1|2 (2.17)

Pin (W ) = |a1|2 − |b1|2 (2.18)

Pout (W ) = |b2|2 − |a2|2 (2.19)

The gain-related terms are the transducer gain, GT, and the power gain, GP

which can be calculated from the power waves using:

GT =
Pout

Pav

=
|b2|2 − |a2|2

|a1|2
(2.20)

GP =
Pout

Pin

=
|b2|2 − |a2|2

|a1|2 − |b1|2
(2.21)

The reflection coefficient related terms are the input and load reflection coeffi-
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cient, Γin and ΓL, which can be calculated from the power waves using:

ΓL,n =
a2,n
b2,n

(2.22)

Γin,n =
b1,n
a1,n

(2.23)

Z = Z0(
1 + Γ

1 − Γ
) (2.24)

Γ =
Z − Z0

Z + Z0

(2.25)

(2.22) and (2.23) can be converted between the reflection coefficient and impedance

using (2.24) and (2.25).

The efficiency-related terms are DC-RF and power-added efficiency (PAE), which

can be calculated using:

DCRF (%) =
Pout

PDC

∗ 100 (2.26)

PAE (%) =
Pout − Pav

PDC

∗ 100 (2.27)

This definition can be interchangeable; for measuring amplifiers, the input mis-

match is considered, and the available power, Pav term is used, whereas for load-pull

measurements, the input mismatch is neglected, and the delivered input power, Pin,

is used.

It is difficult to determine the equivalent circuit of a transistor analytically so

the performance and optimal loading conditions are determined in measurement.

For power amplifiers, the load termination is the most crucial for optimising peak

output power so load-pull measurements are performed. The load-pull technique

is performed on a DUT/transistor. The transistor can either be in packaged form

mounted onto a PCB or can be on a semiconductor die probed by RF probes. A
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VNA is used to generate the RF input signal and is typically buffered by later

stages of amplification to sufficiently drive the transistor into non-linear operating

conditions. With an RF signal injected into the device, the load impedance presented

to the device is controlled, changing it across the Smith chart, this is achieved either

passively, using a physical tuneable impedance or actively, by injecting a signal

to replicate a load impedance. By collecting the measured waves from VNA, and

using the equations above, contours of output power, efficiency or linearity can be

plotted. As power amplifiers are typically operated in a non-linear state to exploit

high efficiency operating conditions, the load-pull method is performed across a

swept input power level from linear to non-linear. This data can be collected to be

used directly in design or it can be used to generate a device model that can be

used to represent the device in simulator. The technique is always performed for

the fundamental frequency but also can be performed for harmonic frequencies to

exploit high efficient operating conditions (for high-efficiency modes [19]).

An example of a typical fundamental load-pull measurement is shown.

(a) Pout

(b) GP (c) PAE

Figure 2.15: Load-pull contours of a GaN HEMT measured at 30 GHz showing (a)
Pout in dBm, (b) Power Gain in dB and (c) PAE in %.
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Figure 2.15 illustrates the measured load-pull reflection coefficient and contours.

These plots are fundamental to PA designs, allowing designers to balance perfor-

mance metrics to achieve specific design goals.

A load impedance can be synthesised either passively, using standard passive

networks, or actively, by injecting a signal into the output of the DUT to adjust the

a2 parameter in (2.22). Both techniques are described in the following section.

The load-pull systems discussed in this thesis are real-time systems that utilise

a vector network analyser to measure waves and provide real-time feedback on the

measured quantities. While these methods are costly due to the expense of the VNA,

they offer high accuracy and reliability through standard error correction techniques.

Alternatively, scalar methods offer a cost-effective solution using power meters

to measure absolute quantities. However, these systems have disadvantages, in-

cluding the limited dynamic range of the system’s power meters. They typically

have lower accuracy than vector methods due to the reliance on fixture characteri-

sation, de-embedding and the requirement to re-calibrate the tuner, each of which

can introduce errors.

Passive Load-Pull

A passive tuner is an electromechanical instrument that controls the load impedance.

It typically consists of a transmission line structure with a tuneable metallic slug.

The slug is retracted from the transmission line to perturb the surrounding elec-

tric field, changing the susceptance and, therefore, altering the magnitude of the

reflection coefficient. The reflection coefficient phase is controlled by sliding the slug

along the length of the transmission line.

Figure 2.16 (a) presents a 3D model representation of a passive tuner. The tuner

comprises a central conductor with an RF port, and the impedance is adjusted by

changing the position of the metallic tuning slug. This is demonstrated in Figure 2.16

(b), where the tuning slug is moved towards the central conductor, which results in

a change in |ΓL| along a line of constant susceptance, and a change in the tuning
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(a) (b)

Figure 2.16: (a) shows a single slug passive tuner 3D model, and (b) shows the
change of imposed reflection coefficient when the tuning slug is moved vertically to
the central conductor (red) and laterally along the central conductor (blue).

(a)

(b) (c)

Figure 2.17: (a) shows a three-slug passive tuner 3D model and (b) shows the change
of imposed reflection coefficient when the first tuning slug is moved in isolation verti-
cally to the central conductor (red) and laterally along the central conductor (blue).
With the first slug fixed in position, (c) shows the change in the imposed reflection
coefficient when the second slug is moved vertically to the central conductor (green)
and laterally along the central conductor (purple).
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slug position along the line results in a change in ̸ ΓL

This concept can be extended further by adding additional tuning slugs. This

serves two purposes; firstly, this vastly increases the possible combinations of tuner

slug positions, and it also allows for an increased reflection coefficient and simul-

taneous tuning of harmonics at the cost of additional tuner calibration time. This

tuner is presented in 3D model form in Figure 2.17, which shows a triple-slug tuner

designed for multi-harmonic load-pull.

The tuning slug/s can be manually or digitally controlled using a stepper motor

operated through software. The primary advantages of passively controlling the load

impedance are simplicity and relative cost-effectiveness.

The disadvantage of a passive tuner is the loss between the DUT and the tun-

ing elements, which limits the maximum achievable reflection coefficient. This issue

becomes more pronounced in mm-wave measurements, especially with on-wafer de-

vices, where increased losses further reduce performance. These challenges can be

partly mitigated by integrating directional couplers into the tuners and positioning

the tuners close to the DUT. This adds additional complexity to the system design,

as the tuner must be mounted directly onto the probes.

 Lower Range
 Mid Range
 Upper Range

Figure 2.18: Smith chart coverage of a broadband tuner covering frequencies up to
110 GHz. The green, blue and red areas are the Smith chart coverage for the tuner’s
lower, mid and upper-frequency range, respectively.
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Figure 2.18 illustrates a typical tuning range for a broadband mm-wave tuner

covering frequencies from 20 to 110 GHz. At the lower frequency range, the maxi-

mum |ΓL| = 0.8, which decreases with frequency, reaching approximately |ΓL| = 0.6

at the upper end. These values can vary depending on the frequency range, power

handling and the number of harmonic frequencies the tuner covers.

These tuners provide system flexibility due to their broad frequency range and

sufficient tuning range for most applications. However, they become limited at very

high frequencies (>67 GHz) or when measuring mm-wave GaN transistors, which

typically have an optimum reflection coefficient of |ΓL| = 0.8 for maximum output

power. Additionally, these tuners have limited utility for harmonic tuning, as the

optimum termination requires a full reflect condition, |ΓL| = 1.

Companies such as Focus Microwaves and Maury Microwave specialise in pro-

viding passive LP hardware and software solutions. Off-the-shelf passive tuners offer

a broad frequency range and are controlled by supplier software; typical prices for

single slug tuners are around £30k up to 18 GHz and £65k for 110 GHz models.

These figures increase to £60k and £95k for triple slug tuners, respectively.

Figure 2.19: The Focus Microwaves MMT series manual passive tuner, operating up
to 18 GHz, features a double-slug design for extended frequency performance. [20].

Two examples of passive load-pull tuners are shown in Figure 2.19 and 2.20. The

first shows a manually-controlled tuner, while the second shows a high-frequency

triple slug tuner designed for mm-wave applications.

Active load-pull is an alternative method for performing load-pull measurements

that overcomes some of the disadvantages of passive measurement systems; these

are discussed in the following section.
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Figure 2.20: The Focus Microwaves M110-240 Delta passive tuner, covering
24–110 GHz, incorporates a triple slug for multi-harmonic measurements.

Active Load-Pull

In the 1970s and 1980s, active load-pull methodologies began to emerge, including

open-loop [21] and closed-loop [22] LP systems. These methods aimed to overcome

the reflection coefficient limitations of passive systems. By actively controlling the

injected signal at the output, a2, these systems theoretically allow for the synthesis

of any desired load impedance.

Figure 2.21: Comparison of Smith chart coverage for passive and active load-pull
methods.

Figure 2.21 compares a typical maximum obtainable reflection coefficient for

load-pull measurements using passive and active methods. At mm-wave frequen-

cies, passive systems are typically limited to a reflection coefficient of 0.8, whereas
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active systems can theoretically achieve any reflection coefficient. Open-loop and

closed-loop techniques are described in the following section.

Open-Loop Load-Pull

The first active load-pull implementation, the open-loop method, was reported

by Takayama [21].

Figure 2.22: Active open-loop load-pull diagram.

Figure 2.22 illustrates a generalised active open-loop LP system. In this con-

figuration, a circulator, a load-pull amplifier, and a microwave source replace the

passive tuner. The load impedance of the device is actively controlled by injecting

a signal from the microwave source, which is amplified. The circulator isolates the

DUT from the LP amplifier, minimising the risk of damage caused by large standing

wave conditions.
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Figure 2.23: Mismatch loss, in decibels, between the load-pull amplifier and imposed
reflection coefficient.

This implementation can theoretically achieve any reflection coefficient at the
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DUT. However, practical limitations arise due to the power requirements of the LP

amplifier. Figure 2.23 illustrates the mismatch loss in dB between the LP amplifier

and the imposed load reflection coefficient, assuming the LP amplifier is matched to

the amplifier 50 Ω. The LP amplifier must generate sufficient power to compensate

for this mismatch and the imposed reflection coefficient.

To generate a desired load reflection coefficient, the control software must set

the source power to produce the correct a2 at the DUT reference plane. This is not

a trivial task.

For purely passive devices, the relationship between a2 at the DUT and the VNA

load generator power, aL, can be calculated directly. The correction accounts for

the complex gain between the VNA load generator and the DUT and the mismatch.

However, when measuring active nonlinear devices, this relationship becomes more

complex. A common solution to this challenge is an iterative nonlinear convergence

algorithm, such as the Newton-Raphson method. This algorithm adjusts the VNA

source power until the desired reflection coefficient is achieved. The operator can

control the tolerance between the set and the measured load impedance to trade-off

accuracy against measurement time. The algorithm must be carefully designed to

ensure that the load impedance does not present an impedance outside of the Smith

chart or an unstable region to prevent damage to the device under test.

Figure 2.24: Active open-loop diagram for multi-harmonic LP.
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To extend the open-loop active LP concept for measuring harmonic impedances,

as shown in Figure 2.24, a multiplexer can be used on the output to combine har-

monic load generator networks, which are all driven by the VNA and controlled by

the load-pull algorithm.

The open-loop architecture is the most commonly used active technique and is

the method used in this thesis. Its advantage is its reliability and simple hardware

configuration. The alternative active load-pull technique, closed-loop, is discussed

in the following section.

Closed-Loop Load-Pull

The closed-loop architecture was first reported by Bava et al. in [22].

Figure 2.25: Active closed-loop load-pull diagram.

The closed-loop architecture, shown in Figure 2.25, builds upon the open-loop

design by introducing a feedback loop, thereby eliminating the need for a second

source. A directional coupler samples the device response, b2, while a phase shifter,

attenuator, and loop amplifier adjust its magnitude and phase to generate an a2 to

achieve the desired reflection coefficient.

The hardware implementation of the closed-loop system is significantly more

complex than that of the open-loop system, primarily due to practical limitations in

the feedback loop. The loop requires a highly selective filter to suppress oscillations

to ensure stability. Additionally, a phase shifter with adequate phase control is

required.

Like the open-loop system, control software is required to achieve the desired
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reflection coefficient. However, instead of controlling the load generator, the software

adjusts the phase shifter, attenuator, and gain of the loop amplifier. This process

employs a nonlinear convergence algorithm, which is even more complex than the

open-loop architecture. The added complexity arises because the algorithm must

control a phase shifter, typically varactor-based, introducing an additional layer of

nonlinearity compared to the digitally controlled sources in the open-loop system.

The practicality of the closed-loop architecture is significantly more limited than

the open-loop technique. In both systems, performing measurements in different

frequency bands requires replacing the amplifier and circulator. However, the closed-

loop system also necessitates a new filter and phase shifter for each frequency band,

making it more expensive and less practical for real-world applications.

Baseband Load-Pull

The previously described techniques are used primarily for the optimisation of

a device operating with a single-tone excitation. In real communication systems,

devices are driven by multi-tone signals in order to maximise the data through-

put. It is, therefore, important to be able to characterise devices when driven by

these types of signals and to measure important linearity-related metrics such as

Adjacent Channel Power Ratio (ACPR) and Error Vector Magnitude (EVM). To

facilitate these measurements, the device is driven by vector signal generators (VSG)

to produce the modulated input signal and a vector single analyser (VSA) is used

to capture the magnitude and phase relationships of the modulated waves at the

input and output of the device through directional couplers before downconversion

and digitising to view the modulated signal and related parameters.

Several studies [23][24][25] have discussed the link between baseband impedance

and linearity performance metrics; the linearity is degraded by indirect mixing of the

second-order intermodulation products (IM2) at baseband, e.g. (f2 − f1). Hence,

baseband load-pull techniques have been developed to actively tune the baseband

impedance termination; these systems [26],[27], use active injection through the bias-

tee and they sample the measured waves using a directional coupler which allows
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the load-pull software to determine the baseband impedance.
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Chapter 3

Error Correction Methods

Obtaining an accurate measurement of a DUT involves more than simply connecting

it to the two ports of a VNA and measuring a set of S-parameters. The VNA and

measurement setup all have frequency-dependent physical properties, such as loss,

mismatch, and leakage, that degrade accuracy. Error correction is performed to

eliminate hardware-related errors and shift the measurement reference plane from

the VNA receivers to the DUT.

3.1 Small-Signal

3.1.1 Error Models

Error correction involves modelling the errors associated with the physical hardware

and constructing an S-parameter matrix to represent them. This matrix can be

mathematically removed from the DUT S-parameter measurement, presenting re-

sults as if they were obtained directly at the DUT terminals. This process assumes

the measurement system is linear and independent of power level.

The error sources in a linear S-parameter measurement system can be categorised

into the following quantities [1]. For simplicity, the descriptions focus on errors in the

forward measurement direction, although they apply equally to the reverse direction.

• Mismatch: The source and load match terms characterise mismatch errors.
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The source match refers to the mismatch between the VNA source and the

DUT. When the VNA source does not present an ideal 50 Ω impedance, the

DUT response, b1, is reflected back towards the DUT, reducing the accu-

racy of both transmission and reflection measurements. Similarly, the load

match represents the mismatch between the VNA receiver and the DUT’s load

impedance. When the receiver does not present an ideal 50 Ω impedance, the

DUT response, b2, is reflected back towards the DUT, degrading measurement

accuracy.

• Frequency Response: The frequency response errors are the transmission and

reflection tracking. The transmission tracking accounts for the difference in

the frequency response between the receivers capturing the incident signal, a1,

and the response signal, b2. The reflection tracking captures the difference

between the frequency response of the measurement and reference receivers

capturing signals a1 and b1, respectively.

• Leakage: The leakage error terms include directivity and crosstalk. The direc-

tivity of the reflectometer is captured. Ideally, an incident signal, a1, passing

through the reflectometer into a perfect 50 Ω would see a portion of the signal,

a1,m, at the reference receiver but no signal, b1,m at the measurement receiver,

but in reality, the directivity is limited. Hence, a portion of the signal appears

at the measurement receiver.

The leakage error terms include directivity and crosstalk. Directivity describes

the ability of the reflectometer to separate incident and reflected signals. Ide-

ally, when an incident signal, a1, passes through the reflectometer into a per-

fect 50 Ω termination, a portion of the signal appears at the reference receiver,

while no signal appears at the measurement receiver. However, due to the

limited directivity of the reflectometer, a portion of the signal appears at the

measurement receiver. The crosstalk term captures the leakage between the

source and the output measurement receiver. This is negligible in modern
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VNAs, so it is typically ignored in 8-term and 12-term calibration algorithms.

Figure 3.1: Simplified block diagram of a Vector Network Analyser with error box

Using Figure 3.1, an imperfect measurement system can be modelled by assigning

all errors to an error adaptor/box. This error box is represented by an S-parameter

matrix composed of error correction coefficients, which account for all the error

mechanisms discussed above. This error box can be used to mathematically remove

the measurement system error from a set of raw measured S-parameters, yielding

corrected results.

12-term Error Model

We can describe the system using a 12-term error flow graph, which requires

measuring waves at three receivers in both forward and reverse directions. These

flow graphs can be expanded to a 16-term case to include additional leakage terms.

However, these extra terms are negligible and not considered for most calibration

techniques, including those discussed in this thesis.
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Figure 3.2: 12-term forward error model [2].

Figure 3.3: 12-term reverse error model [2].

Figures 3.2 and 3.3 show the 12-term forward and reverse error models for a

network analyser. These models are the foundation for calibration methods that

correct the S-parameters and measured waves. The commonly used terminology for

the error terms in the flow graphs is provided in Table 3.1, along with the two most

common notations in the literature.

Table 3.1: VNA Error Terms using two commonly used notations [3][2].

Error Forward Reverse

Source Match e11 (ESF) e
′
22 (ESR)

Load Match e22 (ELF) e
′
11 (ELR)

Transmission Tracking e10e32 (ETF) e
′
23e

′
01 (ETR)

Reflection Tracking e10e01 (ERF) e
′
23e

′
32 (ERR)

Directivity e00 (EDF) e
′
33 (EDR)

Crosstalk e30 (EXF) e03 (EXR)

Using the six error terms in the forward and reverse directions, we can translate

the measured waves to S-parameters at the DUT plane with knowledge of the error

41



terms and measured waves using (3.1) - (3.5) [2].

We can translate the raw measured waves to corrected S-parameters at the DUT

plane using the six error terms in the forward and reverse directions. This translation

is achieved with knowledge of the error terms and measured waves, as described in

(3.1) - (3.5) [2].

S11 =

(
S11,m−e00

e10e01

) [
1 +

(
S22,m−e

′
33

e
′
23e

′
32

)
e
′
22

]
− e22

(
S21,m−e30

e10e32

)(
S12,m−e

′
03

e
′
23e

′
01

)
D

(3.1)

S21 =

(
S21,m−e30

e10e32

) [
1 +

(
S22,m−e

′
33

e
′
23e

′
32

) (
e
′
22 − e22

)]
D

(3.2)

S12 =

(
S12,m−e

′
03

e
′
23e01

) [
1 +

(
S11,m−e00

e10e01

) (
e11 − e

′
11

)]
D

(3.3)

S22 =

(
S22,m−e

′
33

e
′
23e

′
32

) [
1 +

(
S11,m−e00

e10e01

)
e11

]
− e

′
11

(
S21,m−e30

e10e32

)(
S12,m−e

′
03

e
′
23e

′
01

)
D

(3.4)

D =

[
1 +

(
S11,m − e00

e10e01

)
e11

] [
1 +

(
S22,m − e

′
33

e
′
23e

′
32

)
e
′
22

]
−
(
S21,m − e30

e10e32

)(
S12,m − e

′
03

e
′
23e

′
01

)
e22e

′
11 (3.5)

8-term Error Model

The 8-term model is another commonly used method of representing a network

analyser. It uses all four receivers on modern VNAs but omits the eight leakage

terms found in the 16-term model.

Figure 3.4: 8-term error model [2].

The 8-term model is shown in Figure 3.4. A single model can represent both

forward and reverse measurements using all four measurement receivers. However,
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a switch correction measurement must be performed during the calibration proce-

dure. In the standard S-parameter definition, the loaded port is assumed to be

perfectly matched, meaning that in a forward measurement, a2 = 0. In a real mi-

crowave measurement system, this is never the case and some signal is measured at

the measurement receiver as a2,m. Therefore, the switch correction translates the

measured waves as if they were measured in a perfectly matched system. The switch

terms are typically captured during the measurement of the thru standard. These

are the reflection coefficient, Γ3, seen by the receivers at port 2 when measuring in

the forward direction and by port 1 in the reverse direction, Γ0.

The equations for applying the switch corrections to raw measured S-parameters

are shown below [2], [4].

Γ0 =
a

′
1,m

b
′
1,m

(3.6)

Γ3 =
a2,m
b2,m

(3.7)

Where ′ represents the reverse measurement direction.

S11,m =

b1,m
a1,m

−
b
′
1,m

a
′
2,m

b2,m
a1,m

Γ3

d
S12,m =

b
′
1,m

a
′
2,m

− b1,m
a1,m

b
′
1,m

a
′
2,m

Γ0

d

S21,m =

b2,m
a1,m

−
b
′
2,m

a
′
2,m

b2,m
a1,m

Γ3

d
S22,m =

b
′
2,m

a
′
2,m

− b2,m
a1,m

b
′
1,m

a
′
2,m

Γ0

d

(3.8)

Where:

d = 1 − b2,m
a1,m

b
′
1,m

a
′
2,m

Γ0Γ3 (3.9)
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3.1.2 Coaxial Calibrations

This subsection will cover the main coaxial calibration techniques, but it will be

addressed in less detail since this thesis focuses on on-wafer device characterisation.

Short-Open-Load-Thru (SOLT)

The SOLT technique is the most commonly used two-port calibration method for

coaxial systems. Each SOL standard in the kit is connected and measured at each

port, followed by a direct connection of both ports (Thru).

Each standard must have a known response for the calibration technique to be

accurate. This becomes more challenging at microwave frequencies, as each standard

exhibits a frequency-dependent reactance associated with an equivalent inductance

for the short standard or capacitance for the open standard.

(a) Short (b) Open (c) Load (d) Thru

Figure 3.5: Calibration standards with parasitic reactance.

Figure 3.6: 1 mm coaxial calibration standards, match, open and short (from left to
right) from Rohde & Schwarz ZV-Z210 calibration kit [5].

As shown in Figure 3.5, the short, open and load have a parasitic reactance that

becomes more dominant as frequency increases. The short and load standards are
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associated with a series parasitic inductance, while the open standard exhibits fring-

ing capacitance. These are the dominant effects in these standards; other parasitic

elements are not included in the equivalent circuit diagrams for clarity.

The standards for microwave frequency calibration kits are typically defined by

a behavioural polynomial equation up to the third order, which captures the effects

of the fringing capacitance or series inductance.

C = C0 + C1f + C2f
2 + C3f

3 (3.10)

L = L0 + L1f + L2f
2 + L3f

3 (3.11)

Where Ln and Cn are the polynomial coefficients and f is the measurement

frequency.

The thru standard is typically modelled as a transmission line with an equivalent

delay. This is accounted for in calibration software by assigning this delay to obtain

the correct calibration reference plane.

As the equivalent circuit model becomes even more complex at mm-wave fre-

quencies, it is no longer feasible to model the standard using a polynomial equation.

Instead, the calibration kit is supplied with S-parameter measurements for all stan-

dards, individually characterised using a highly accurate reference system.

For simplicity, the one-port SOL calibration algorithm is described using the

basic equation shown below:

ΓM = e00 + ΓRΓMe11 − ΓR∆e (3.12)

Three separate measurements are required to solve this equation for the three

unknowns. To cover the maximum measurement space, the two extremes, short

and open, along with the centre of the Smith chart, 50 Ω, are used. Expanding

and rearranging into matrix form to include the three measurements gives the ba-

sic equation needed to solve for the error terms, e, using the measured reflection
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coefficients, ΓM,n, and standard definition of the reflection coefficient, ΓR,n.


e00

e11

∆e

 =


1 ΓR,1ΓM,1 −ΓR,1

1 ΓR,2ΓM,2 −ΓR,2

1 ΓR,3ΓM,3 −ΓR,3


−1 

ΓM,1

ΓM,2

ΓM,3

 (3.13)

where ∆e is the determinant of the error box.

3.1.3 On-wafer Calibrations

For device-level characterisation, measurement systems are set up for on-wafer mea-

surements, where the bare die is contacted using on-wafer RF probes. This requires

a different approach to calibration techniques to ensure accurate measurements at

the device plane.

In the coaxial environment, the standard calibration technique is SOLT, as de-

scribed in the previous section. However, on-wafer, this technique is not accurate.

The key characteristic of SOLT calibration is the use of accurately defined standards.

On-wafer, it is not possible to fabricate a perfect open, short, or load standard due

to parasitic effects from metalisation and the substrate material. Additionally, pro-

viding a set of reference measurements for each standard becomes challenging due to

the manufacturing variability and mechanical errors, such as probe placement and

repeatability.

Figure 3.7: AC-2 Impedance standard substrate from MPI corporation [6].

The tile used for calibration typically comes in two forms. One common form

is the Impedance Standard Substrate (ISS), as shown in Figure 3.7, an alumina tile

containing a set of standards for calibrating to the probe tips.
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(a) Thru (b) Short (c) Line

Figure 3.8: On-wafer TRL calibration standards on GaAs substrate manufactured
by Qorvo.

An alternative to probe-tip calibration on an ISS tile is to design a calibration

kit directly on the same wafer as the target device. Figure 3.8 shows an example

of a TRL calibration kit designed for a GaN substrate. This introduces additional

complexity in designing the calibration kit, but various good practice guides describe

calibration kit design to optimise accuracy [7]. This method offers significant ben-

efits. First, it ensures that the probe-to-substrate contact produces the same field

pattern as the target device, which improves calibration accuracy compared to cal-

ibrating on alumina and then transitioning to the target substrate. Second, the kit

can be designed to directly calibrate out the feed lines of the structure, eliminating

the need for separate de-embedding steps [8, 9].

The following subsections describe standard calibration techniques devised to

overcome the challenges of the SOLT calibration technique.

Thru-Reflect-Match (TRM)

The TRM method [10, 11, 12] is widely used for on-wafer measurements. It relies

on three standards: a thru, which provides a zero-length direct connection between

the ports; a reflect, which requires only the assumption that it is a short or an open;

and a match, which establishes the reference impedance for the calibration. This is

a broadband technique that performs well at microwave frequencies.

However, a key drawback is a need for a known or precise match standard, which

becomes increasingly challenging at millimetre-wave frequencies. Since the match

standard is typically a resistive layer on the tile, the precision can be improved by
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laser trimming to achieve a closer approximation to 50 Ω, thereby improving calibra-

tion accuracy. This technique improves upon the accuracy of the SOLT technique

[13] although it has limited application beyond 20 GHz unless the match standard

can be precisely modelled. The difficulty of accurately defining the calibration stan-

dards was overcome by the Line-Reflect-Reflect-Match (LRRM) calibration tech-

nique.

Line-Reflect-Reflect-Match (LRRM)

The LRRM technique, [14] and [15], is a widely adopted industry-standard calibra-

tion algorithm for mm-wave frequencies. It uses both reflect standards and a match

standard to achieve accurate broadband calibration. An extension of this technique,

the enhanced LRRM (eLRRM) by Cascade Microtech [15], further improves perfor-

mance by automatically calculating the equivalent load inductance of the match

standard. This feature mitigates the limitations of algorithms such as TRM that

require a precise definition of the match standard. The method is relatively insen-

sitive to probe placement errors, making it more robust in practical applications.

This technique has been demonstrated to perform effectively at frequencies up to

100 GHz [16], [13].

Thru-Reflect-Line (TRL)

The TRL [17] calibration algorithm is widely recognised as the most accurate on-

wafer calibration technique [16], [13]. The thru standard, as shown in Figure 3.9

consists of a reciprocal feed structure connected together; it is made up of CPW

landing pads and a feed line. In the TRL calibration algorithm, the reference plane

of the calibration is defined at its centre. The thru standard must be carefully

designed to optimise accuracy. As suggested in [7], the feed line should be long

enough to fully launch the microstrip modes from the CPW probes but shorter than

λ/4 to avoid resonances. This structure forms the base of the calibration kit; all

standards are fed by half of this standard.
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Figure 3.9: Thru standard.

Figure 3.10: Line standard.

The line standard, as shown in Figure 3.10 replaces the match standard used

in the TRM method and defines the reference impedance for the calibration. It

consists of a length of line whose impedance is Z0, and its electrical length must equal

90± ̸ 70 ◦ across all frequencies within the calibration bandwidth. This requirement

is a limitation of the TRL technique, particularly for wideband measurements. The

multi-line TRL (mTRL) technique provides a broadband alternative.

(a) Open (b) Short

Figure 3.11: Reflect standards.
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The reflect standard, as shown as a short or open structure in Figure 3.11 requires

no prior knowledge other than that it is either an on-wafer short or open. As

suggested in [7], the reflect standard should be placed at the end of the feed structure.

This section details the TRL calibration technique’s algorithm and derivation,

as it is central to the context of this thesis.

Wave-cascading matrices are used instead of S-parameters to facilitate chain

matrix calculations. This conversion is performed as follows:

b1
a1

 =

[
R

]a2
b2

 =
1

S21

−∆S S11

−S22 1


a2
b2

 (3.14)

Where ∆S is the determinant of the S-parameter matrix.

We can express the thru and line standards in the wave-cascading matrix form as:

[
RThru

D

]
=

1 0

0 1

 (3.15)

and [
RLine

D

]
=

e−yl = 0

0 eyl

 (3.16)

Where y and l represent the propagation constant and the length of the line, respec-

tively.

Figure 3.12: TRL error box.

Examining the system in its wave-cascading matrix form, as shown in Figure 3.12,

there are the error boxes RA and RB, as well as the measurement of the standard,

RD. This diagram can be deconstructed into a set of matrix equations that relate
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the measured waves, a0,m, b0,m, b3,m and a3,m to the waves at the DUT, a1,d, b1,d, b2,d

and a2,d.

b0,m
a0,m

 =

[
RM

]a3,m
b3,m

 (3.17)

where: [
RM

]
=

[
RA

] [
RD

] [
RB

]
(3.18)

The deconstructed matrix equation that relates the measured to actual waves by

the error box. b0,m
a0,m

 =

[
RA

]b1,d
a1,d

 (3.19)

a2,d
b2,d

 =

[
RB

]a3,m
b3,m

 (3.20)

The error box consists of a 2 × 2 set of error terms.

[
RA

]
= RA

22


RA

11

RA
22

RA
12

RA
22

RA
21

RA
22

1

 = RA
22

a b

c 1

 (3.21)

[
RB

]
= RB

22


RB

11

RB
22

RB
12

RB
22

RB
21

RB
22

1

 = RB
22

α β

γ 1

 (3.22)

Using the definitions of the error boxes provided above, we can now calculate

the error terms’ values based on the standards’ measurements.

The equation for the thru standard is straightforward, as it represents the cascaded

error boxes.

[
RThru

M

]
=

[
RA

] [
RB

]
(3.23)
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and for the line: [
RLine

M

]
=

[
RA

] [
RLine

D

] [
RB

]
(3.24)

Defining the term X as:

[
X

]
=

[
RLine

M

] [
RThru

M

]−1

(3.25)

Multiplying X by RA gives:

[
X

] [
RA

]
=

[
RA

] [
RLine

D

]
(3.26)

Solving for RA and expanding results in the below set of equations:

X11R
A
11 + X12R

A
21 = RA

11e
−yl (3.27)

X21R
A
11 + X22R

A
21 = RA

21e
−yl (3.28)

X11R
A
12 + X12R

A
22 = RA

12e
yl (3.29)

X21R
A
12 + X22R

A
22 = RA

22e
yl (3.30)

Solving (3.27) and (3.28) for
a

c
gives the quadratic equation:

X21(
a

c
)2 + (X22 −X11)(

a

c
) −X12 = 0 (3.31)

Solving (3.29) and (3.30) for b gives the quadratic equation:

X21b
2 + (X22 −X11)b−X12 = 0 (3.32)

We observe that the same base quadratic equation appears in both cases. The

solutions to this quadratic equation are:

Root1,2 =
−(X22 −X11) ±

√
(X22 −X11)2 + 4X21X12

2X21

(3.33)
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Next, we need to select which root corresponds to which error term. We can

determine the appropriate root selection using (3.19).

a0,m = RA
22(

RA
11

RA
22

a1,d +
RA

12

RA
22

b1,d) (3.34)

and

b0,m = RA
22(

RA
21

RA
22

a1,d + b1,d) (3.35)

It is reasonable to assume that in a stable measurement system |RA
11| ≫ |RA

12|.

Assuming this condition holds, we can proceed with the following: |R
A
11

RA
12

| ≫ 1 and

|R
A
21

RA
22

| ≪ 1. This leads too:

|R
A
21

RA
22

| ≪ |R
A
11

RA
12

| (3.36)

Which can be rearranged too:

|R
A
12

RA
22

| ≪ |R
A
11

RA
21

| (3.37)

Converting this to the coefficient notation of (3.21) leads to this condition:

|b| ≪ |a
c
| (3.38)

We assign the solutions of the quadratic equation in (3.33) to satisfy (3.38).

b =


Root1 if Root1 < Root2,

Root2 otherwise

(3.39)

c

a
=


1

Root2
if Root1 < Root2,

1

Root1
otherwise

(3.40)

We now proceed to solve the remaining error terms.

[
RB

]
=

[
RA

]−1 [
Rthru

M

]
(3.41)
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Expanding these matrices gives two more error terms,
β

α
and γ.

β

α
=

Rthru
12 − (b)Rthru

22

Rthru
11 − (b)Rthru

21

(3.42)

γ =
(
c

a
)Rthru

11 −Rthru
21

(
c

a
)Rthru

12 −Rthru
22

(3.43)

We can determine
a

α
using the reflect measurement. The following equations outline

the steps to calculate this, and it will be demonstrated that no knowledge of the

reflect standard is required. The measured and actual reflection coefficient for a

measurement at port 1 can be linked using:

Γ1 =
b + aΓR

1 + cΓR

(3.44)

where Γ1 is the reflect standard’s measured reflection coefficient from port 1 and ΓR

is the actual reflection coefficient.

Rearranging for aΓR.

aΓR =
Γ1 − b

1 − c

a
Γ1

(3.45)

We can do the same for the measured reflection coefficient at port 2, Γ2.

αΓR =
Γ2 + γ

1 +
β

α
Γ2

(3.46)

By forming a ratio of these terms, we eliminate the need for knowledge of ΓR.

a

α
= (

Γ1 − b

1 − c

a
Γ1

)(
1 +

β

α
Γ2

Γ2 + γ
) (3.47)
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Expanding (3.23) for the thru standard and solving for aα.

aα =

Rthru
11

Rthru
22

− b
Rthru

21

Rthru
22

1 − Rthru
12

Rthru
22

(
c

a
)

(3.48)

Using both solutions from (3.47) and 3.48), we can solve for a.

a = ±
√

(aα)(
a

α
) (3.49)

The sign of a can be determined using the reflect standard type (open/short)

and the measurement of that standard. Either solution for a can be used in the

equation below.

ΓR =
(Γ1 − b)

(1 − (
c

a
)Γ1)

(
1

a
) (3.50)

An if statement can be applied to determine the sign of a.

a =


−a if Re

(
ΓR

Γstd
R

)
≪ 0,

a otherwise

(3.51)

Here Γstd
R is the ideal definition of the standard. Open = 1̸ 0 ◦ and Short = −1 ̸ 0 ◦.

All remaining terms can now be solved to obtain a complete set of error terms.

The equation for the normalised RB
22 is shown below:

RB
22 =

Rthru
22

(1 + cβ)RA
22

(3.52)

A transform from the wave-cascading form, RA and RB in (3.21) and (3.22) to

S-parameters gives the standard error box, E.
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EA =

e00 e01e10

1 e11

 (3.53)

EB =

 e22
e23
e10

e32e10 e33

 (3.54)

The calibration technique requires knowledge of seven of the eight error terms.

The output contains a set of ratioed error terms, e01e10,
e23
e10

and e32e10. In this case,

the unknown term that allows for uncoupling all the terms is the power scaling term,

e10, which is explained in a later section on power measurements.

3.1.4 Application

This subsection presents the matrix calculations required to apply error correction

to S-parameter measurements.

The process begins with the S-parameter error boxes described in (3.53) and

(3.54), obtained from the calibration algorithm. These error boxes are converted

into wave-cascading matrix form using (3.16). The term e10 is omitted, as it is

normalised to 1 for S-parameter calibration.

The resulting error boxes take the following form:

[
RA

]
= RA

22


RA

11

RA
22

RA
12

RA
22

RA
21

RA
22

1

 =

−∆EA e00

−e11 1

 (3.55)

[
RB

]
= RB

22


RB

11

RB
22

RB
12

RB
22

RB
21

RB
22

1

 =
1

e32

−∆EB e22

−e33 1

 (3.56)

The raw S-parameters are first converted into wave-cascading matrix form, as

described by (3.18), to use chain matrix mathematics to apply the error correction.
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[
RD

]
=

[
RA

]−1 [
RM

] [
RB

]−1

(3.57)

The calibrated S-parameters are obtained through a simple matrix inversion

(3.57) and conversion from wave-cascading matrix to S-parameters.

3.2 Large-signal

3.2.1 Procedure

This section outlines the calibration procedure specifically tailored to large-signal

measurements. The large-signal calibration and measurement procedure follows the

steps outlined below:

1. Vector calibration

2. Absolute calibration

3. Application of calibration

4. Configure system for DUT measurement

Vector Calibration

The basic principle of vector calibration for large-signal measurements remains the

same as for small-signal measurements. However, there are a few additional steps

for passive load-pull systems.

In a passive load-pull system, the tuner must be characterised and calibrated

to ensure the control software knows the impedance presented to the DUT at each

tuner position. This calibration step also establishes the density and coverage of the

load reflection coefficient.

The tuner characterisation process begins by initialising the tuners to a defined

reference state. From this state, the source and load tuner can be isolated from the
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rest of the measurement system. A detailed method for performing this characteri-

sation is presented.

Figure 3.13: A passive source/load-pull setup with tuners in-situ.

The measurement system is set up as illustrated in Figure 3.13. A two-stage char-

acterisation process follows, allowing for the generation of two S-parameter matrices

representing the initialised source and load-tuner.

Figure 3.14: A SOLT calibration is carried out between the two external directional
couplers to bring the reference plane to the ports of the tuners.

The first stage involves using a coaxial kit to perform a SOLT or UOSM calibra-

tion. This step shifts the reference plane from the VNA to the external directional

couplers, as illustrated in Figure 3.14.

In the second stage, the tuners are connected to the directional couplers. In

this example, a TRL calibration is performed on-wafer, resulting in two error boxes

representing the source and load tuners.

With the source and load tuners fully characterised in their initialised positions,

they can be calibrated at each slug position. The tuner slug positions are swept in-
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Figure 3.15: TRL calibration brings the reference plane from the directional coupler
to the centre of a zero-length thru.

Figure 3.16: Tuner calibrated points for a single tuning slug using the Focus Mi-
crowaves Delta tuners at 27.5 GHz.
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dependently, and the measured S-parameters at each step are recorded. An example

of calibrated tuner positions for a dense grid of impedances is shown in Figure 3.16.

In passive load-pull systems, the control software must know the relationship

between tuner slug positions and reflection coefficient to optimise measurement

speed. The control software correlates the desired load reflection coefficient with

the tuner’s mechanical position and adjusts the stepper motor until the target po-

sition is achieved.

Modern high-frequency load-pull systems utilising vector-receiver architectures

adopt this method in a hybrid manner. In these systems, the tuner calibration is

used to determine the load impedance, while the measured waves are sampled by a

directional coupler integrated into the tuner. This approach provides several advan-

tages, including faster measurement times, accurate calibration, and a maximisation

of the tuning range.

Figure 3.17: Vector calibration set-up for moving the measurement reference plane
to the centre of the thru line from the TRL calibration kit.

After tuner calibration, the external directional couplers can be removed from

the system, shown in Figure 3.17. A standard vector calibration is then performed,

bringing the reference plane to the DUT plane.
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Absolute Calibration

After the vector calibration, an absolute calibration is performed, consisting of two

parts: power and phase calibration. In S-parameter calibration, only seven of the

eight error terms are needed for ratio measurements. However, all eight error terms

are required in large-signal measurements, where power and phase-related quantities

are measured at both fundamental and harmonically related frequencies. To decou-

ple the ratio error terms the solution to e10 is required, this is found by performing

an absolute calibration.

The power calibration uses a power meter at the DUT plane as a reference to

scale the magnitude of e10. On-wafer power meters do not exist, so the power

reference is obtained using a coaxial power meter at an extended port plane.

Figure 3.18: Power calibration configuration diagram.

The system is configured for power calibration, as shown in Figure 3.18.

An extended port calibration is performed close to the DUT plane at the output

port of the load reflectometer. This is a one-port coaxial calibration, as described

in Equation (3.13).
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The power calibration is performed by measuring the power at the extended port

plane. The measured reflection coefficient at the centre of the thru standard, using

the vector calibration coefficients, and the reflection coefficient looking towards the

power meter, using the extended calibration coefficients, are known and used to

move the power reference plane to the centre of the thru standard. This is achieved

by normalising the measured power by the difference in the reflection coefficient.

Figure 3.19: Different reference planes for each calibration stage.

Figure 3.19 shows the different calibration reference planes for the power calibra-

tion. ΓVect is the reflection coefficient at the centre of the vector calibration reference

plane, whilst PRef is unknown and is the delivered power at the vector calibration

reference plane. The reflection coefficient, ΓPow is the calibrated reflection coeffi-

cient at the extended port plane, whilst PMeter is the measured power result from

the power meter. PRef is calculated using these parameters.

ΓNorm =
ΓVect

ΓPow

(3.58)

PRef = PMeasΓNorm (3.59)

The magnitude of the power scaling term is:

e10 =

√
PRef

PCal

(3.60)

Phase alignment between the fundamental and harmonic frequencies is necessary

to construct a time-domain signal from a set of frequency-domain measurements.
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This phase alignment is achieved through either a phase calibration or the direct

capture of the phase relationship, which requires a phase-calibrated source or mea-

surement device.

The method shown in Figure 3.20 uses an oscilloscope as a phase meter to directly

capture the phase information from the waves at the oscilloscope port. The time

base between the VNA and oscilloscope is synchronised by using the VNA port

3 source as a trigger input to the oscilloscope. This provides a straightforward

solution for reconstructing a time-domain measurement from the device under test.

This method is the direct capture of measured waves and does not theoretically

require a calibration, however, to obtain accurate phase relationship a calibration

procedure to de-embed the RF path between the instrument and the DUT plane

is required. It is not a typical solution due to the cost and limited availability of

oscilloscopes with sufficient bandwidth, especially at mm-wave frequencies, but it

must be used in cases where there is a lack of phase reference.

Figure 3.20: Phase coherence using an oscilloscope as a phase meter.

A harmonic phase reference (HPR) module is a more cost-effective solution for

achieving phase alignment in a measurement system but requires a calibration pro-
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cedure to ensure correct alignment of the harmonic frequencies. Typically based on

a comb generator, the HPR generates tones with a fixed, known phase relationship;

this data is stored in a lookup table. To perform phase calibration using the HPR,

an additional receiver and source channel on the VNA are required.

Figure 3.21: Phase coherence using a harmonic phase reference module.

The measurement system is first configured as shown in Figure 3.21, with the

harmonic phase reference (HPR) connected to the VNA source port 3, which is

phase-locked to the source of port 1. The VNA’s measurement receiver for phase

calibration (b3) is connected directly to the extended port plane. The VNA then

sweeps frequencies from the fundamental to the nth harmonic, recording the phase

at frequency.

Secondly, as shown in Figure 3.22, a power meter is connected to the source of

port three to provide a power reference for the HPR. A lookup table is used to apply

a correction phase for the phase component of e10 across the harmonics.

Figure 3.23 shows the configuration for multi-harmonic large-signal measure-

ments. The measurement receiver of port three is used to measure the output
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Figure 3.22: Phase calibration, measuring the VNA source power.

Figure 3.23: Phase calibration, measuring the output of the harmonic phase refer-
ence.
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of the harmonic phase reference.

Application

This subsection presents the matrix calculations required to apply a calibration to

a set of raw wave measurements.

First, the S-parameter error boxes from the calibration algorithm, as defined in

(3.53) and (3.54), are converted into wave-cascading matrix form using (3.16).

This transformation results in the error boxes represented in the form:

[
RA

]
= RA

22


RA

11

RA
22

RA
12

RA
22

RA
21

RA
22

1

 =

−∆EA e00

−e11 1

 (3.61)

[
RB

]
= RB

22


RB

11

RB
22

RB
12

RB
22

RB
21

RB
22

1

 =
1

e32e10

−∆EB e22

−e33 1

 (3.62)

To apply error correction to a set of raw measured waves, (3.19) and (3.20) are

used. Corrected measurements are obtained by inverting RA from (3.61). Using

R−1
A and RB, the calibration correction equation is assembled in matrix form to

transform measured waves into corrected waves. Here, the absolute calibration stage

determines e10. The resulting equation is shown below:



b1,d

a1,d

b2,d

a2,d


=

1

e10



1

e01
−e00
e01

0 0

e11
e01

−∆EA

e01
0 0

0 0
1

e32
−e33
e32

0 0
e22
e32

−∆EB

e32





b1,m

a1,m

b2,m

a2,m


(3.63)

This section discusses the fundamental calibration techniques that form the basis

of the technical chapters in this thesis. It covers various calibration algorithms, from
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coaxial techniques such as the SOLT, which becomes inaccurate for on-wafer mm-

wave calibrations due to the difficulty of defining the standards. To overcome these

issues, the LRRM, TRL and mTRL techniques are used, as they do not require

precise standard definitions to achieve accurate calibration. the TRL and mTRL

techniques are used throughout this thesis.
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Chapter 4

Device Modelling

This chapter provides a brief theoretical background on device modelling, illustrating

and motivating this thesis’s central aim: to achieve accurate measurements at mm-

wave frequencies. These measurements are essential for generating datasets for

extracting and validating device models, which improves reliability and enhances

tapeout success rates. By presenting this background, the chapter establishes the

reasoning for this work’s objectives.

Transistor modelling involves creating a mathematical representation that ac-

curately predicts a transistor’s measured characteristics. This approach enables

computer-aided design of power amplifiers within a simulation environment, signif-

icantly reducing the need for multiple fabrication and testing stages.

Figure 4.1 illustrates the power amplifier design process, comparing approaches

with and without a device model. In the left flowchart, the absence of a device

model leads to design iterations only after device fabrication. In contrast, the right

flowchart uses a device model, enabling design and test iterations within simulation

software before fabrication. This approach eliminates several fabrication stages,

significantly reducing design costs.

These flowcharts assume that the model accurately represents the physical tran-

sistor under identical operating conditions, a major ongoing focus in device mod-

elling research.

Various device modelling strategies are employed in industry and academia to
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(a) Without model (b) With model

Figure 4.1: Power amplifier design flowchart without (a) and with (b) a device
model.

develop accurate device models. The following section explores these approaches,

highlighting their respective advantages and disadvantages.

4.1 Look-up Table Modelling

The look-up table method for device modelling is the least computationally intensive

but the most labour-intensive method. It consists of measuring a device at various

operational conditions, which are stored in a look-up table for use in a simulator.

Figure 4.2 illustrates the look-up table method, showing an example data struc-

ture for measuring a power amplifier. The data is organised across three conditions:

load reflection coefficient magnitude and phase and available source power, resulting

in a dataset size of i× j × k.

The primary limitation of this method is that the device can only be simulated

under the exact conditions of measurement. The accuracy of the model outside

of these measured points rely upon the interpolation and extrapolation technique
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Figure 4.2: Look-up table modelling method.

employed by the simulator that the model is implemented within, this could lead

to unpredictable and erroneous results. Behavioural modelling expands the look-

up table concept to allow for valid interpolated results. As shown in Figure 4.2,

the measurement-intensive nature of this modelling strategy becomes evident when

a model requires multiple variables, such as the load reflection coefficient (ΓL),

available input power (Pav), frequency, bias, or temperature. These datasets become

multidimensional, leading to significant file sizes. For a dataset with x variables per

condition and n conditions, the total number of required data points, y, is given by:

y = xn (4.1)

(4.1) demonstrates that the practicality of this modelling strategy is restricted

to applications requiring a finite dataset.

This strategy is the most sensitive to measurement accuracy, as the data is

directly used in the simulator; the data will include any calibration errors alongside

measurement uncertainty, including random noise.
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4.2 State Function Modelling

This section presents the state function modelling approach, outlining its benefits

and drawbacks. It includes an example breakdown of a high-frequency transistor,

demonstrating how the model structure links to device operation, and examples of

widely implemented state function models.

State function modelling takes a physics-based approach to device modelling,

offering insights into the physical structure and operation of the device. While this

approach is extensive and complex, it is typically the most accurate across various

operational characteristics. Although the methodologies and topologies are rooted

in device physics, the mathematical equations that describe device operation are

often behavioural.

Figure 4.3: A simplified large signal model.

Figure 4.3 shows a simplified large signal model. An equivalent circuit element

is assigned to model the characteristics of the construction to describe the likely

behaviour of materials and material interfaces.

The equivalent circuit components are divided into two categories: extrinsic

effects, which are operationally independent, and intrinsic effects, which are opera-

tionally dependent.

Extrinsic effects relate to the physical structure and metalisation. The metali-

sation of the transistor can be approximated by three circuit elements: resistance,
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inductance, and capacitance. The metalised contacts have an associated inductance,

represented by Lg, Ld, and Ls. The resistivity of the metal and ohmic contact is

represented as Rg, Rd, and Rs. The charge separation between contacts can be

approximated by capacitors, represented by Cpg, Cpd.

The intrinsic parameters are operationally dependent; in large signal models,

these are typically modelled by the gate and feedback diodes, with the current gen-

erator, ID, dependent upon the Vin and Vout. The output reactance of the transistor

is modelled by the shunt capacitor, Cds.

A typical extraction method for a model of this type involves measuring the

device under various operational conditions to determine the equivalent circuit pa-

rameters as functions of frequency and bias. This section describes two prominent

state function models.

4.2.1 Example Models

Two prominent and effective large-signal models used in commercial HEMT device

modelling are the Angelov model [1][2], widely reported in the literature, and the

Keysight EEHEMT1 model [3] [4], which builds upon the work in [5] and [6], and is

used in the commercial modelling software IC-CAP. The Angelov model uses gen-

eralised equations based on the hyperbolic tangent to describe the current profile,

while the EEHEMT1 model employs a piecewise function to model different oper-

ational modes. This piecewise approach allows the transconductance profile to be

modelled asymmetrically, in contrast to the symmetric nature of the Angelov model.

Recent developments in these models have included optimised functions to better

model temperature and trapping effects [7], [8], and [9].

The Angelov and EEHEMT model’s equivalent circuits are shown in Figure 4.4.

The extraction process is significant and requires multiple measurement systems,

from small and large signal RF systems to I/V and C/V systems. The extraction

processes of both models are well detailed in [10] and [4].

The EEHEMT model extraction process involves pulsed DCIV and S-parameter
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(a) Angelov [10] (b) EEHEMT1 [3]

Figure 4.4: Equivalent circuit models for the Angelov (a) and EEHEMT1 (b) device
models.

measurements; pulsing is used to avoid self-heating of the device. The model can

be extracted in two different ways; the first is to use standard extraction procedures

for small signal models followed by extensive numerical optimisation; the extrinsic

parameters are kept constant across bias whilst the intrinsic parameters are allowed

to vary, allowing for a separate model for each bias condition. To extend this to

a large signal model, the large signal equivalent components are extracted using

the model non-linear equations and the extracted intrinsic capacitance and DCIV

measurements. The second method is to directly optimise straight from the large

signal non-linear model equations to fit the measurement data. The first procedure

allows for a starting point for optimisation, possibly leading to more realistic circuit

values. Still, it requires significant optimisation, whilst direct optimisation requires

less time to extract multiple models. It may lead to a better measurement to model

fit but have non-physical component values.

The Angelov model performs the multi-bias S-parameter measurements as per

the EEHEMT extraction procedure but also conducts an additional C/V measure-

ment process. This process uses cold FET S-parameters to extract the extrinsic

parasitics, whilst the current generator component values are extracted using I/V

measurements, and the C/V measurements extract the capacitance values. These

measurements are then used with the model equations to extract the equivalent
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circuit values to produce a single stand-alone, multi-bias, non-linear model.

To validate these models for use as large signal device models, load-pull mea-

surements are performed on the devices and the contours can be compared with the

modelled results. This leads to further tuning and optimisation [11] of the model pa-

rameters to match the measured contours. Both models’ extraction and validation

procedure highlights the importance of measurement accuracy. Each extraction

procedure involves optimising a set of component values to match the measured

parameter, with the Angelov method using up to four different measurement tech-

niques. Uncertainty or calibration error can easily propagate to the large signal

model and lead to an inaccurate model.

4.3 Behavioural Modelling

The state function models described in the previous section are purely based on the

physics of device operation but typically use behavioural equations to characterise

device behaviour. In this section, purely behavioural models are discussed.

These models treat the device as a black box, using curve-fitting equations to

describe its response to a set of incident signals, as shown in Figure 4.5 of a two-port

DUT.

Figure 4.5: Simplified diagram of a behavioural model.

Behavioural models are highly accurate but have limited scope, as they require a

set of measurements for each variable, including frequency, power, bias, temperature,

and others. This limitation defines their use cases: they are ideal for small-scale
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designs where a device model doesn’t exist or in situations requiring high accuracy

when existing models have not been tuned for a specific use case. This is especially

common at mm-wave frequencies, where parasitic effects add complexity and the

costs of owning and operating an mm-wave measurement system are significant.

Behavioural models are heavily dependent on the accuracy of the measurement

data. Any errors introduced during device measurement will propagate through to

the model.

4.3.1 Example Models

Examples of well-established behavioural models include Keysight’s X-parameters

[12] and the Cardiff model [13]. Both are frequency-domain models based on poly-

harmonic distortion theory, and are used to predict the response to an incident

signals using a set of coefficients.

X-Parameters

Bp,k = X
(FB)
p,k P k +

q=N,l=K∑
l=1

X
(S)
p,k;q,lAq,lP

k−l +

q=N,l=K∑
q=1,l=1

X
(T )
p,k;q,lA

∗
q,lP

k+l [12] (4.2)

where B is the response, A is the incident signal, q and p are the input and output

ports, respectively and l and k are the input and output harmonics, respectively.

The X-parameter model equation, shown in (4.2), is a mathematical extension

of S-parameters designed to capture the non-linear response of a device. As the

input power is reduced and the harmonic content becomes negligible, the coefficients

converge to the linear condition of S-parameters.

The model is linearised around a large-signal drive tone, A1,1, and the equation

and extraction procedure can be broken down into three measurements.

First, the coefficient XFB is determined by injecting a large signal tone and

measuring the fundamental and harmonic response.

The other two coefficients, XS and XT , are obtained by injecting a small signal

extraction tone at A2, using separate measurements that are orthogonal in phase.
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These can be extracted using either an on-frequency or off-frequency method. In

the on-frequency method, the frequency is the same as the large signal extraction

tone; in the off-frequency method, the frequency is offset. Since the models rely

on small-signal offsets in A2, the model requires significant extrapolation capability

across all reflection coefficients, which can introduce inaccuracies. This process can

be repeated across a grid of load impedances, increasing the dataset of coefficients

required to accurately model a device [14]. To validate this model, a load-pull mea-

surement can be taken using data points at different impedances to the impedances

used for extraction and the modelled and measurement data compared.

The formulation can also be extended to minimise measurement intensity when

adding additional dimensions for modelling characteristics such as capturing memory

effects [15], scaling transistor periphery [16] and frequency scaling [17].

The Cardiff Model

The original Cardiff model equation was published in [13]. Since then, subsequent

works have further developed its standard form. The version most commonly cited

in recent years is shown in (4.3).

Bp,h = ̸ Ah
1,1

1∑
r=0

nmax∑
n=nmin

Kp,h,m,n |A2,1|m (
̸ A2,1

̸ A1,1

)n [18] (4.3)

where B is the response and A is the incident signal, K is the Cardiff model co-

efficients indexed by p, the port number, h, the harmonic frequency index, r the

magnitude indexing term, m and n, the magnitude and phase exponents, respec-

tively.

The Cardiff model attempts to relate the response wave to the incident wave

using a set of coefficients. The coefficients are indexed by magnitude and phase

terms, which can be described by thinking about the concept in the frequency do-

main. There are two incident signals at the input, A1 and at the output, A2. This

produces a frequency mixing effect on the magnitude and phase components. The

coefficients produced are indexed as mixing terms of different orders, the higher the
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order of the model the greater the number of mixing terms. In a linear system, the

incident can be mapped to the response using 1st order coefficients. But in Power

amplifiers, driving the device into compression generates non-linear effects which re-

quire higher mixing terms to relate signals. In essence, the higher the model order,

the greater the ability of the model to accurately relate to response to the incident

signal. This order selection is discussed in later paragraphs.

The big difference between the Cardiff model and X-parameters is the coefficient

extraction method. X-parameter extraction relies upon specific load conditions to be

met to extract coefficients, as described above. In the Cardiff model the extraction

procedure is load independent. The typical extraction process involves performing a

load-pull measurement around the optimum condition for output power. Each mea-

sured load condition generates a dataset of power waves, A and B. By performing a

least squares fit, coefficients, K, can be generated that correlate the response wave

to the injected wave.

Extensions of this basic formulation have been published incorporating param-

eters such as input power level [19] and DC bias [18]. Recent publications in this

area have used artificial neural networks (ANN) techniques to extract the Cardiff

model coefficients [20], [21] and [22].

A common challenge in all of these variations of the Cardiff model is the ability

to extract a model that accurately represents the measured data. In this model, the

operator can select the model mixing order which is related to how many coefficients

are required to model a response. To evaluate the model order requirement, the order

can be truncated and the model performance can be viewed. Typically, the model

performance is validated by comparing the modelled and measured B-wave for a

data point not used to generate the model. The Normalised Means Square Error

(NMSE) between these values is evaluated. For the Cardiff model, the targetted

NMSE is -30 dB. This is a trade-off between model accuracy and avoiding modelling

measurement noise. A systematic review of model complexity was explored in [23]

and shows that to obtain -30 dB a model order of 5-7 is required.
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The Cardiff and the X-parameter models correlate incident and response mea-

surement data through their coefficients and require no information or knowledge of

device physics. Although the models are more insensitive to noise-related measure-

ment errors due to extracting coefficients from large data sets using least squares

fitting, the model’s accuracy is still very sensitive to uncertainties or calibration

errors. These errors will be directly propagated to the modelled coefficients. There-

fore, to obtain an accurate model of a device, it is essential to have some knowledge

of the measurement uncertainty and calibration error present in the measurement

system. Currently, no literature discusses the propagation of measurement uncer-

tainty and calibration error into the behavioural model.

In this section, some different device modelling techniques are highlighted, from

black box techniques that use only the incident and reflected waves to represent the

response of a device. The simplest was the look-up table modelling, which directly

uses measurement data. Behavioural modelling attempts to model the measurement

data using behavioural equations to add the ability for interpolation, which lowers

measurement intensity. The physics-based approach is the state function models,

which represent characteristics by equivalent circuits; these are the most encom-

passing models but are very intensive extraction procedures. This section showed

that although there are many different techniques for extracting a device model,

ultimately, the model can only be as accurate as the underlying data provided to it.

This provides significant motivation to enhance the scope of measurement systems,

to produce more data for extracting and validating models, and to enhance mea-

surement accuracy so that the extracted models become inherently more accurate

and reliable.
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Chapter 5

Millimetre-wave Harmonic

Source/Load-pull Measurement

System

5.1 Introduction

The proliferation of mm-wave power amplifiers has been primarily driven by the

demand for satellite communication systems offering higher data rates, extensive

coverage areas, and the ability to support high user loads. Examples include Low

Earth Orbit (LEO) systems operating in the Ka-band (26–40 GHz) and the ris-

ing demand for high-throughput satellite (HTS) communication systems in the W-

band (75–110 GHz). These advancements have been enabled by progress in com-

pound semiconductor technologies, which facilitate the combination of high-power

and high-frequency operation.

Traditionally, GaAs technology has dominated the satellite communication mar-

ket due to its high electron mobility and technological maturity. However, in recent

years, GaN technology has gained prominence. Its high electron mobility, wide

bandgap, and high breakdown voltage allow GaN devices to achieve significantly

higher output power for a given device size than GaAs.
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Figure 5.1: Power amplifier survey by ETH Zurich from November 2024 [1]. This
shows saturated output power versus frequency for different semiconductor tech-
nologies .

The significant proliferation of this technology has led to a surge in mm-wave

power amplifier designs, achieving performance levels that rival those of microwave

frequency amplifiers; these trends are detailed in the power amplifier survey from

ETH Zurich in Figure 5.1. The figure plots data points of published power ampli-

fier designs in different technologies, each benchmarked by their material, output

power and frequency of operation. LDMOS technology has had significant use in

base station power amplifiers due to its power density and cost; however, it cannot

compete with technologies at mm-wave. SiGe and CMOS technologies have shown

performance well into the hundreds of GHz, but the trend shows that the devices

typically have low saturated output power. GaAs and GaN technologies offer huge

performance benefits in terms of output power with PA’s demonstrating 35 dBm

output power at 100 GHz. InP is an expensive technology, but its benefits are the

very high maximum operational frequency, up to 500 GHz.

The density of data points in the mm-wave range, particularly from 20 to

100 GHz, highlights the demand for mm-wave PAs. This, in turn, presents nu-

merous challenges, one of which is the availability of measurement systems capable

of accurately characterising these devices.
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In the S-parameter measurement space, external test sets utilising frequency

conversion techniques allow for single sweep measurements up to 220 GHz [2].

Figure 5.2: on-wafer S-parameter measurement system using the Keysight extender
modules for frequencies up to 120 GHz.

A commercial example of an S-parameter measurement system that utilises fre-

quency conversion techniques to achieve measurement up to 120 GHz is the Keysight

N5293AX03 extender modules [3], which are connectorised units that are configured

as external test set and linked to the base VNA. This setup is shown in Figure 5.2,

with the modules integrated into an on-wafer measurement system.

Other solutions exist to extend frequency performance beyond 220 GHz, typically

employing banded waveguide modules from suppliers such as VDI [4] and Eravant

[5]. While these waveguide-based systems achieve maximum frequencies extending

into the terahertz range, their limited bandwidth, dictated by the high-pass nature

of waveguides, restricts their versatility.

However, these systems are not well-suited for performing large-signal load-pull

measurements. The primary limitation lies in their lack of reconfigurability. In

large-signal measurement systems, reconfigurability is critical and is achieved by in-

tegrating external directional couplers near the measurement reference plane. This

allows changes to the source and load fixtures without affecting the system calibra-
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tion. Such flexibility is essential for performing absolute calibration or incorporating

additional fixtures—such as bias tees, circulators, and external amplifiers—necessary

for measuring devices operating deep into compression.

Various systems capable of performing load-pull measurements in the mm-wave

spectrum have been reported in the literature, employing a range of methodologies.

Early systems employed scalar techniques to perform active load-pull up to 40 GHz

[6]. Even in recent years, scalar systems have been used to demonstrate W-band

measurements [7].

Other systems adopt vector-receiver methods. For instance, researchers at the

University of California Santa Barbara (UCSB) have reported both passive and

active load-pull systems utilizing frequency conversion techniques for fundamental

load-pull at W-band [8], [9]. Similarly, the millimetre-wave group at ETH Zurich has

implemented a closed-loop active load-pull system for W-band measurements using

frequency conversion techniques [10]. Additionally, the authors of [11] explored and

implemented methods to extend commercial VNAs using frequency extenders for

load-pull measurements.

Situated at Cardiff University is a state-of-the-art load-pull system developed

from a collaboration between Focus Microwaves and Rohde & Schwarz and it is a first

of its kind capable of operating up to 110 GHz. This system is based on frequency

conversion techniques, can perform harmonic source/load-pull measurements across

a single sweep, and offers waveform measurement functionality.

This chapter describes the authors contributions to this prior developed system.

It expands upon the work in [12] and describes in detail the configuration and

demonstrates the calibration and verification procedures necessary to achieve highly

accurate and reliable measurements at Ka-band upto the third harmonic as well as

fundamental frequency measurements to 110 GHz.
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Figure 5.3: The 110 GHz passive source/load-pull measurement system.

Figure 5.4: mm-wave on-wafer large signal characterisation system. The equip-
ment shown are the Focus Microwave M-110240 passive tuners, the Rohde&Schwarz
waveguide diplexer, the ZVA 67 vector network analyser, the ZD-110 source/load
diplexer, and the ZRX110L receiver. The on-wafer probes are MPI T110A GSG100.
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5.2 System Description

Figures 5.3 and 5.4 present an image and a generalized diagram of the system, re-

spectively. The system is based on the ZVA67 vector network analyser with four

measurement channels, passive tuners and frequency conversion modules.

Figure 5.5: The tuner and probes on the measurement system. Focus Microwaves
(M-110240) Delta tuners and 110 GHz MPI GSG probes.

Figure 5.5 shows the 24–110 GHz Focus Microwaves (M-110240) Delta tuners,

which are coaxial triple-slug harmonic tuners integrated with a directional coupler

to maximize the tuning range. Attached to the tuners are MPI 110 GHz on-wafer

GSG probes. A computer-controlled microscope is also included to facilitate precise

probing of the measurement sample.

As illustrated in Figure 5.4 and the image in Figure 5.6, the system’s source and

receiver paths are configured for generating and detecting RF waves.

For the source, the VNA is connected to the Rohde & Schwarz (ZD-210) switched

diplexer module via a 1.85 mm coaxial cable and a control cable. Within this module

is a RF switch, for frequencies below 67 GHz, the VNA triggers the diplexer module

to switch to a through state where the RF signal passes through the unit to the
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Figure 5.6: The source and receiver diplexers on the load-side of the measurement
system.

DUT, with loss increasing proportional to signal frequency. For frequencies above

67 GHz, the VNA triggers the switch for the RF signal to be diverted, up-converted

and amplified to the desired frequency. The difference in source power across the full

frequency span of the system can be levelled during the source levelling procedure

described in the following sections.

To capture the measured waves, the directional couplers in the tuners sample the

forward and reverse travelling waves. These signals are routed through a coaxial-to-

waveguide transition and into a diplexer. For frequencies below 67 GHz, the sampled

waves are sent directly to the reference and measurement receivers on ports one and

two of the VNA. For frequencies above 67 GHz, the waves are down-converted by

a mixer, utilizing a common LO from port 4. The VNA then measures the down-

converted waves at the reference and measurement receivers on ports three and

four.

Details of waveform measurement will be provided later in this section after the

calibration procedure is discussed.
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5.3 Calibration Procedure

This section outlines the system’s large signal calibration procedure for performing

multi-harmonic load-pull measurements. Due to the system’s complexity and fre-

quency range, particular attention is paid to the verification steps conducted after

each calibration stage to ensure the accuracy and reliability of the measurements.

Figure 5.7: Calibration procedure flow diagram.

Figure 5.7 illustrates the basic calibration process for performing load-pull mea-

surements. It follows a standard procedure for passive load-pull system calibration,

as detailed in Section 3.2.1, with the addition of source levelling and measurement

fixture characterisation.

5.3.1 Source Levelling

Source levelling is necessary for frequencies above 67 GHz due to the dual-band na-

ture of the source, which consists of a straight-through path and an up-converter.

The output power of the source varies significantly with frequency. Below 67 GHz,

the output power decreases steadily as a function of frequency, reaching its lowest
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point just before the up-converter kicks in. Once the up-converter kicks in, the out-

put power peaks at approximately 10 dBm at the coaxial port of the source. Source

levelling addresses these variations and ensures consistent power during calibration

across the entire frequency range.

Figure 5.8: Source levelling block diagram. The levelling is performed using a
110 GHz power meter and an external 110 GHz directional coupler.

Figure 5.9: Setup showing the power meter connected at the source levelling refer-
ence plane.

The system is configured according to Figures 5.8 and 5.9. A power meter is

positioned after the source diplexer and fixed to an external directional coupler

in this configuration. The user selects a desired power level at the power meter
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reference plane. The VNA sweeps the frequency, and the power is recorded at the

power meter. An iterative algorithm adjusts the source power incrementally until

the measured power matches the user-defined target. The source power settings are

stored in the VNA as a frequency-dependent lookup table.

To verify the procedure, the VNA source power is set to the power used for

levelling. The frequency is swept, and the measured power is compared to the

target to evaluate the accuracy.

Although the difference between the targeted and measured power is not crit-

ical, it is important to ensure that calibration is performed with a levelled input

power, particularly for harmonic measurements. In this system, for harmonic mea-

surements where the fundamental frequency exceeds 22 GHz, the VNA generates the

fundamental source power, while the third harmonic is produced as an up-converted

signal by the source diplexer/amplifier. This leads to a significant variation in the

power at the reference plane. A measurement performed without source levelling

applied showed that, with the VNA source power set to its maximum of 10 dBm, the

measured power at the source levelling reference pane ranged from -16 to 10 dBm

across the 26-110 GHz frequency range. As the frequency increases from 26 GHz, the

measured power decreases, reaching its minimum just before the multiplier kicks in.

The levelling process enables the user to maintain a constant power level during the

calibration procedure, particularly at frequencies near where the multipliers become

active, where the power is lowest. This process ensures that the power can be set

to its maximum, preventing further degradation of the dynamic range.

5.3.2 Tuner Characterisation and Calibration

The calibration process follows the standard passive load-pull procedure outlined in

Section 3.2.1. The objective of the following three sections is to calibrate the passive

tuner across all its impedance states.
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External Coupler Coaxial Calibration

At this stage, the system is configured as shown in Figures 5.8 and 5.10, with

the power meter disconnected. Using the unknown thru, open, short, and match

(UOSM) method, a two-port coaxial calibration is performed at the external cou-

plers. This approach moves the reference plane to the external couplers, establishing

a baseline reference for characterizing the tuners.

Figure 5.10: External coaxial calibration setup. Showing the short standard con-
nected to the external directional coupler.

The R&S ZV-Z210 1 mm coaxial calibration kit is for this calibration. This kit

has been characterised using a reference system, with the reflection coefficients of

each standard provided in a lookup table.

Ideally, to verify a calibration, a test structure whose S-parameters are fully

known should be used and compared, although for this case, we do not have any

such test structures; due to no alternative, a sub-optimal means of verification was

conducted by performing a measurement of the calibrated standards and comparing

with the standard definitions. As shown in Figure 5.11, a UOSM calibration was

performed, and each standard was subsequently measured. The error coefficients

were re-computed when a standard was re-connected for evaluation to reduce the
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Figure 5.11: Reflection in decibels of the standard definition and the error bounds
from performing UOSM calibration ten times, remeasuring each standard after cal-
ibration.
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effect of connector repeatability. This process was repeated ten times, with the error

bounds indicating the worst-case measurement. The average error vector between

the short standard definition and the measured values across the ten calibrations

was 0.02, 0.1 and 0.15% for 30, 60 and 90 GHz, respectively.

At these frequencies, the repeatability of the connection is crucial to obtain

an accurate calibration. The same investigation was performed, but the standard

was disconnected and re-connected this time before measurement. This showed a

significant increase in the average error vector between the short standard definition

and the measured values across ten calibrations; this increased to 0.3, 0.55 and 1.1%

for 30, 60 and 90 GHz, respectively.

External coupler on-wafer calibration

Following the UOSM calibration, which brought the reference plane to the external

directional couplers, the final stage of tuner characterisation is to calibrate to the

end of the probe tips or the centre of a thru standard for TRL calibration. This

allows for a complete characterisation of the source and load tuner.

Figure 5.12: External coupler on-wafer calibration configuration diagram.

The system is configured as shown in Figure 5.12, with the external coupler con-

nected to the tuners via a 1 mm coaxial cable, and a TRL calibration is performed
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(a) Connection of external coupler to the
source tuner.

(b) Probing of an on-wafer thru standard

Figure 5.13: External coupler on-wafer calibration configuration images.

using on-wafer probes, as illustrated in Figure 5.3.2. The tuners are initialised,

which positions the tuner slugs in a zeroed state defined by the software to ensure

a consistent reference condition. This calibration establishes the reference plane for

tuner characterisation, enabling the software to correlate the load reflection coef-

ficient with a specific tuner slug position, as determined by the tuner calibration

procedure, which is the following stage.

The TRL calibration will generate the S-parameter error boxes representing the

source and load tuner. These error boxes can be used to perform the tuner cali-

bration. To verify this calibration, each standard can be re-probed, if available; the

optimal verification of any calibration is to probe a known standard that has not

been used in calibration. Another method is the NIST calibration tool [13], which

can be used to quantify measurement uncertainty. Both methods are susceptible

to errors relating to standard definition, system characterisation and fabrication

tolerances.

Tuner calibration

The tuner calibration is performed by selecting a density of reflection coefficient

points, which determines the step size of the stepper motor, controlling the slug’s
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vertical and horizontal positions. The calibration procedure iterates through each

combination of tuner slug positions in magnitude and phase for each frequency,

performing an S-parameter measurement at every position to determine the actual

reflection coefficient presented to the device. A two-port S-parameter matrix is

generated for each tuner position and is used during harmonic measurements as

part of moving the phase measurement reference plane from the oscilloscope to the

probe tips; this process is discussed in detail in Section 5.3.6.

Figure 5.14: Calibrated reflection coefficient conditions for a single slug of the load
tuner at 27.5 GHz.

Figure 5.14 shows the calibrated load reflection coefficients for 27.5 GHz. This

process involves a trade-off between the number of calibrated impedance conditions

and the calibration time. This system uses both the source and load tuners, each

containing three slugs. For example, calibrating 300 slug positions for both tuners

at a single frequency takes approximately 1.5 hours when using an IF bandwidth of

50 Hz.

5.3.3 Measurement fixture characterisation

To continue with the calibration procedure, the coaxial cables connecting the tuners

to the external directional couplers are disconnected before the external directional

couplers are removed from the setup; this configuration is shown in Figure 5.15 and

96



can be used to characterise the measurement fixtures.

Figure 5.15: Measurement setup diagram for measurement fixture characterisation.

The VNA state is saved for recall, and the instrument is preset; a one-port

(SOL) or two-port (UOSM) coaxial calibration can be performed to allow for the

characterisation of coaxial measurement fixtures. Additional components, such as

bias-tees, circulators, and amplifiers, are added to the source and load tuners for

device measurements. These additional components present a different reflection

coefficient to the tuners than the source module. This mismatch cascades with the

reflection coefficient imposed by the tuner, resulting in a discrepancy between the

imposed and measured load reflection coefficients. To address this, the reflection

coefficient of the fixtures is characterised and compensated for.

An example of a set of source fixtures for the measurement of a Ka-band de-

vice is shown in Figure 5.16. When performing the tuner calibration, the tuner

S-parameters are determined when driven by the source diplexer with a specific ΓS,

when measuring a device this source module is disconnected and an amplifier, fol-

lowed by a circulator, and bias-tee are added which present a different ΓS to the

tuner. This results in a slight error between the actual imposed source reflection

coefficient, measured by directional couplers inside the tuners and the reflection co-

97



Figure 5.16: Additional source fixtures required for the measurement of device op-
erating at Ka-band. It consists of a circulator and a bias-tee.

efficient using the tuner calibration data. This has the largest effect if the fixtures

are reflective. To characterise this network, a one-port S-parameter measurement is

performed by looking into the bias-tee. This S-parameter measurement is used to

correct the source tuner calibration.

This stage is also essential for obtaining accurate waveform measurements. Dur-

ing waveform measurements, the phase meter determines the relationship between

the harmonics; however, these measurements are taken at a point away from the

measurement reference plane. The two-port S-parameters of the fixtures between

the measurement reference plane and the phase meter are characterised to account

for this. The configuration for waveform measurements is discussed in detail in

Section 5.3.6.

5.3.4 Internal coupler on-wafer calibration

At this stage, the tuner has been characterised and calibrated at its impedance

states. An internal coupler on-wafer calibration is performed to shift the measure-

ment reference plane from the VNA receivers to the centre of an on-wafer thru

standard as part of the TRL calibration process.

The setup, illustrated in Figure 5.17, involves removing the external directional

couplers. The source and load diplexers are then connected to the tuners via a 1 mm

coaxial cable, while the internal couplers of the tuners are connected to the receiver
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Figure 5.17: Internal coupler calibration setup diagram.

diplexer modules.

Standard TRL calibration verification procedures can be performed to verify

this calibration stage, such as using the NIST calibration software [13] or a known

standard.

5.3.5 Absolute Calibration

The absolute calibration consists of an extended and a power calibration. The goal

of this stage is to perform an s-parameter calibration to a position as close to the

center of the probes as possible but also be at a location where a power meter can

be fixed. The power meter measures the power at that given reference plane. This

power is compared with the power measured by the VNA. The ratio of these two is

used to scale the calibration error terms, allowing for accurate power measurements

at the reference plane without requiring a fixed power meter. The theory and maths

behind the absolute calibration stage is described in the calibration literature review

in Section 3.2.1. This system uses a phase meter rather than a harmonic phase

reference, so it does not require a phase calibration.
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Extended Calibration

The extended calibration follows the traditional calibration procedure as described

in Section 3.2.1.

Figure 5.18: Extended and power calibration setup diagram.

Figure 5.19: Connection of the R&S ZV-Z210 short standard to the extended port
plane.

The system is configured as shown in Figure 5.18. A one-port coaxial calibration

100



standard is connected at the extended port plane, as shown in Figure 5.19. This

is followed by the on-wafer probes landing on a thru standard on the target device

substrate. The process establishes a common reference plane between the one-port

calibration and the power meter measurement, enabling the calculation of the power

scaling coefficient at the centre of the zero-length thru.

Power Calibration

Power calibration is performed by connecting a coaxial power meter at the extended

port reference plane and probing the on-wafer thru standard.

Figure 5.20: Connection of the R&S NRP110T power meter to the extended port
plane for power calibration.

The reflection coefficient at the centre of the zero-length thru is determined

using the internal coupler calibration coefficients, and the reflection coefficient at

the extended port plane is also known. Therefore, the power meter measurement

result can be normalised using these two reflection coefficients to obtain the power

at the centre of the zero-length thru. A ratio of the measured power at the VNA to

the measured power allows for calculating the absolute scaling term, e10.

The accuracy of the scaling term is determined by the power meter. The RF

power meter used in this work is the R&S 110 GHz thermal power meter. The

accuracy of thermal RF power meters typically falls within the range of ±0.5 dB.
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For the power meter used in this work, the maximum uncertainty of a brand-new

meter is ±0.3 dB [14].

The same configuration is used to perform a self-consistency check of this cali-

bration stage. The tuners are set to the initialised position, the internal calibration

coefficients are loaded onto the VNA, scaled by the power coefficient, and a mea-

surement is performed. The S-parameters for the load tuner are used to move the

reference plane of the power meter measurement to the centre of the zero-length

through. This result is compared with the measurement from the calibrated VNA.

5.3.6 Configuration for waveform measurements

A phase meter was used for harmonic phase alignment due to the limited commercial

availability of 100 GHz HPR modules when the system was first designed. The phase

meter is a Keysight DCA-X N1000A oscilloscope with the N1046A 100 GHz sampling

module.

Figure 5.21: Configuration diagram for waveform measurements.

The diagram for waveform measurements is shown in Figure 5.21, and an image

of the load-side fixtures are shown in Figure 5.22. A 110 GHz directional coupler is

connected to a 1 mm coaxial cable from the load tuner, which samples the output
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Figure 5.22: Load-side fixtures designed and manufactured for sampling and mea-
suring waveforms.
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power, and an 18 cm long 1 mm coaxial cable connects to the oscilloscope sampling

module. This approach limits the power level measured at the sampling module,

which has a maximum rated power of 16 dBm. The components are securely fixed

in position, with a metal fixture to support the coaxial cable from the load tuner,

along with custom-designed fixtures for the directional coupler and the oscilloscope

module. A metal rail has been integrated into the system to allow for additional fix-

tures, such as a bias-tee, to ensure consistent alignment and stability of the networks.

These fixtures prevent flexion of the coaxial cables or rotation of the components

when tightening coaxial connectors, which is very sensitive due to the lower torque

of 1 mm connectors (0.45 N·m) versus 3.5 mm connectors (0.9 N·m) [15].

Each component between the measurement reference plane and the oscilloscope

sampling module has the possibility of introducing phase dispersion, which degrades

the accuracy of the waveform measurement. Although limited phase dispersion is

expected in the coaxial cables, the network consists of a directional coupler which

does introduce a frequency dependence in phase. Hence the whole network after

the 1 mm coaxial cable from the load tuner is characterised for its S-parameters

across the desired frequency range. This can be characterised using the set-up

shown in Section 5.3.3 or on a dedicated S-parameter measurement system. The full

network parameters representing the path between the measurement reference plane

and the oscilloscope sampling module are completed by performing a chain matrix

calculation of the characterised fixtures and the tuner S-parameters at each position

(calculated during tuner calibration in Section 5.3.2). During a measurement, the

oscilloscope captures the phase relationship between the measured fundamental and

harmonic frequencies. The measurement software applies the fixture de-embedding

to determine the phase relationship at the DUT reference plane.

5.3.7 Final Verification

A final verification and self-consistency checks can be performed with the system

setup in its internal coupler calibration configuration shown in Figure 5.17.
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It is well-documented that a final vector calibration verification can be tailored

for load-pull measurements [16]. The process involves performing a load-pull mea-

surement across the Smith chart on the zero-length thru calibration structure and

evaluating the power gain. In an ideal calibration, the power gain is 1 (0 dB). Since

ratio terms are measured, the power scaling error term, e10, is not required and is

normalised to 1. Measurements were performed and are presented at 27.5 GHz and

82.5 GHz.
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Figure 5.23: Load-pull measurement of a zero-length thru showing the power gain
in decibels.

Figure 5.23 (a) and (b) shows the verification load-pull measurements following

the internal coupler calibration. The results indicate that the residual calibration

error across the Smith chart is below 0.1 dB at 27.5 GHz and below 0.15 dB at

82.5 GHz.

A self-consistency check of the tuner calibration was performed. In Figures 5.24

(a), (b) and (c) show a sweep of the Smith chart is performed using the load-

pull software, and the calibrated reflection coefficient from the internal vector and

tuner calibration are compared. The results show a discrepancy between the two,

worsening across frequency; a mean average error vector of 2.4, 5.2 and 8.5% was

calculated for 27.5, 55 and 82.5 GHz, respectively.

The verification load-pull on the zero-length thru showed that the internal vector

calibration was accurate across the Smith chart. The internal vector calibration
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(a) 27.5 GHz (b) 55GHz

(c) 82.5 GHz

Figure 5.24: Load-pull measurement comparing reflection coefficient between the
measured and tuner calibrated positions.
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relies on a single calibration to move the reference plane from the VNA to the

receivers and requires little system reconfiguration. In contrast, the tuner calibration

stage involves multiple characterisation steps and reconfigurations, each incurring

additional inaccuracies, such as the coaxial repeatability issues shown in Section

5.3.2.

5.4 Experimental Results

This section presents experimental results for a GaAs device, including characterisa-

tion at 27.5 GHz with waveform measurement and harmonic tuning. Measurements

are also performed at a fundamental frequency of 82.5 GHz.

5.4.1 Ka-Band Measurements

The system is used to perform fundamental and harmonic load-pull characterisation

of a Qorvo 90 nm gate-length GaAs device at 27.5 GHz. The load-pull is conducted

at the fundamental frequency with all harmonics terminated to 50,Ω, followed by

tuning up to the third harmonic to maximise output power and power-added effi-

ciency.

(a) Source set-up (b) Load set-up

Figure 5.25: Overview of the 27.5 GHz measurement setup.
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The system is configured for device measurement by adding source and load

fixtures, as shown in Figures 5.25a and 5.25b. On the source side, the source diplexer

module is disconnected, and a bias-tee, circulator, and driver amplifier are connected

to the source tuner. The driver is connected directly to the VNA source via a

1.85 mm coaxial cable, with a 3 dB attenuator placed at the input of the driver

amplifier to improve input matching and attenuate feedback to the VNA source. The

load diplexer module is disconnected from the tuner, and the waveform measurement

fixtures and a bias tee are attached.
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Figure 5.26: Power gain contours in decibels from a load-pull measurement of a
zero-length thru standard at 27.5 GHz.

With the setup in its final measurement state, the calibration is verified like that

described in Section 5.3.7 by performing a load-pull measurement on the zero-length

thru to evaluate the residual power gain. The results are shown in Figure 5.26. This

shows a maximum residual power gain of 0.15 dB, a marginal increase from the

internal coupler TRL calibration load-pull verification.

The load-pull performance of the GaAs device in a backed-off condition is shown

in Figures 5.27a and 5.27b, with output power and power gain displayed, respec-

tively. The GaAs device is conditionally stable at this frequency, as shown in the

power gain figure, which reaches 18.5 dB. Avoiding these load conditions to prevent

oscillation and potential device damage is critical.
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(a) Output power contours, optimum at
0.65̸ 87◦

(b) Power gain contours, optimum at
0.75̸ 103◦

Figure 5.27: Load-pull measurements of a Qorvo 90 nm 6×30µm GaAs at 27.5 GHz
in a backed-off condition with an available power of -10.5 dBm.

Following a load-pull measurement in a backed-off condition, an iterative process

is performed to find the global optimum for output power at compression. A power

sweep is performed at the impedance determined from the backed-off load-pull mea-

surement, followed by a subsequent load-pull near compression to determine a new

optimum impedance for output power. Once the global optimum is found, a power

sweep is performed to find the available input power in which the device reaches

compression. At 2 dB compression, 2nd and 3rd harmonic load-pull is performed to

maximise PAE.
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Figure 5.28: 2nd harmonic load-pull, PAE contours in percentage and tuned
impedances, PAv = 16.1 dBm.
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Figure 5.29: 3rd harmonic load-pull, showing PAE as a function of phase at |ΓL| = 0.6
and tuned impedances, PAv = 16.1 dBm.

At 2 dB compression, the 2nd harmonic load impedance was swept across the

Smith chart while keeping the fundamental impedance at the optimum for output

power and the 3rd harmonic at 50,Ω. This is shown in Figures 5.28a and 5.28b, with

a variation of 7.5% in PAE, with the optimum condition at 66%. The same procedure

was followed for the 3rd, where the fundamental and 2nd were held at their respective

optima, as shown in Figures 5.29a and 5.29b, |ΓL| = 0.6 was held whilst the phase

was swept, this was due to device oscillations when the third harmonic was tuned

to specific conditions. This sweep forms a compromise between device stability,

measurement time and performance. The sweep resulted in a PAE variation of 6 %.

These graphs also highlight the difficulty of performing these measurements with

a passive tuner using three tuning slugs to obtain specific harmonic impedances.

The harmonic impedances are limited to 0.7 for 55 GHz and 0.6 for 82.5 GHz. Addi-

tionally, there is a skew in the other impedance terminations, meaning the harmonic

load-pull was not performed in isolation, and the reported PAE is not self-consistent

between the 2nd and 3rd harmonic sweeps.

Figure 5.30 shows a comparison between the power sweep of the GaAs device

with and without harmonic tuning. The fundamental only measurement was tuned

to a reflection coefficient of ΓL1 = 0.37 ̸ 117 ◦, |ΓL2| = 0 and |ΓL3| = 0, whilst the

harmonically tuned measurement was tuned to ΓL1 = 0.37 ̸ 117 ◦,ΓL2 = 0.64 ̸ −

110



Figure 5.30: Power sweep comparing the gain, output power and PAE for the
same device where the device was tuned at only fundamental frequency or the fun-
damental and harmonic frequencies. The load reflection coefficients were ΓL1 =
0.37̸ 117 ◦,ΓL2 = 0.64 ̸ − 120 ◦ and ΓL3 = 0.57 ̸ 129 ◦. Inset showing the compres-
sion region where harmonic tuning is most impactful.

120 ◦ and ΓL3 = 0.57̸ 129 ◦. The inset shows the power levels where harmonic tuning

has a non-negligible performance change. The results show a boost of 3% in PAE

in the harmonically tuned measurement whilst gain appears to be flatter across

input power, indicative of slightly improved linearity metrics. The harmonically

tuned device achieves a maximum output power of 20.4 dBm, with a power gain of

10.9 dB and a PAE of 64.3% at 2 dB compression. This performance would improve

further if the load-pull system was capable of tuning the second and third harmonic

impedances to the edge of the Smith chart. This performance improvement is typical

of harmonic tuning of a device pushed into compression, behaviour that is exploited

in high efficiency power amplifier modes such as class F. Although this has never

been practically demonstrated for devices over 20 GHz.

The measured waveforms at the input and output for the final 2 dB compressed

are calculated from the measured a and b wave quantities for each frequency.

The gate and drain waveforms are shown in Figures 5.31a and 5.31b. These

waveforms are measured at the calibration reference plane, which in this case is

the gate and drain manifold of the device. Amplifier classes are determined at the
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(a) Gate waveforms.
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(b) Drain waveforms.

Figure 5.31: Current and voltage waveforms for the 90 nm, 6x30µm GaAs pHEMT
at the a.) Gate b.) Drain manifold. Measured at 27.5 GHz up to the third har-
monic, with an available input power, PAv = 15.5 dBm, corresponding to 2 dB of
compression.

current generator plane of the device, so to be able to determine the class of operation

the device is operating in and to further enhance the performance, additional steps

are required. Although not considered as part of this work, to view the waveforms

at the current generator plane, the remaining parasitic elements relating to the

device construction, must be de-embedded to move the reference plane from the

measurement plane to the current generator plane.

To perform this de-embedding stage, an accurate device model, which consists

of the bias-independent extrinsic parasitics and the bias-dependent intrinsic para-

sitics, is required. A review of the literature shows a limited number of techniques

can accurately model devices up to 110 GHz using the small-signal model extrac-

tion approach. In GaAs it is more successful [17], but has proved difficult in GaN

technology, with accurate modelling approaches reported to 67 GHz [18] [19].

5.4.2 W-Band Measurements

The same Qorvo GaAs pHEMT used in the previous section is measured but for

RF performance in the W-band. Load-pull measurements are taken to evaluate

the optimum output power and efficiency condition at a fundamental frequency of

82.5 GHz.
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(a) Source set-up (b) Load set-up

Figure 5.32: Overview of the 82.5 GHz measurement setup.

The system is configured for device measurement by adding source and load

fixtures, as shown in Figures 5.32a and 5.32b. On the source side, the source diplexer

module is connected to two cascaded W-band driver amplifiers, which are joined by

waveguide flanges. A 1 mm coaxial cable connects these to the bias-tee. On the load

side, a bias-tee is connected, with its RF port terminated in 50 Ω.

-0.80
-0.75
-0.70
-0.65
-0.60
-0.55
-0.50
-0.45
-0.40
-0.35
-0.30
-0.25
-0.20
-0.15
-0.10
-0.05
0.00

Figure 5.33: Power gain contours in decibels from a load-pull measurement of a
zero-length thru standard at 82.5 GHz.

The calibration is verified by performing a load-pull measurement on the zero-
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length thru, with the results shown in Figure 5.33. At this frequency, a significant

error of 0.8 dB is observed, compared to the 0.14 dB error verified at the internal

coupler TRL calibration stage. This discrepancy raises questions about how the

system has changed between these two stages. I signpost the reasons for this dis-

crepancy here but this is fully and comprehensively described in Chapter 6. The only

thing that has changed between the initial load-pull measurement where the cali-

bration was verified and this condition was the measurement set-up was changed.

Firstly, the extended calibration and power calibration was performed, which in-

volved the connection and disconnection of coaxial adapters along with positioning

the power meter for measurement. Following this, the source diplexer modules were

disconnected and pulled back away from the tuners to allow for space to connect

measurement fixtures, such as the bias tee and driver amplifier. This leads to the

hypothesis that mechanical changes to the system following calibration result in

changes to the system which are not captured by the calibration error coefficients

resulting in this error. It initially appears to be a very small change as the centre

of the Smith chart still has a power gain of almost 0, and that this error has been

magnified by tuning to higher reflection coefficients.

A load-pull was performed on the device in a backed-off condition at 82.5 GHz,

with the output power and power gain contours shown in Figures 5.34a and 5.34b,

respectively. At this frequency, the maximum achievable reflection coefficient is

0.7, making it impossible to achieve closed contours. Consequently, the optimum

impedance remains unchanged when performing a load-pull at compression.

A power sweep of the device at the optimum impedance for output power achiev-

able with the measurement system is shown in Figure 5.35. At the onset of com-

pression, an output power of 19.2 dBm, a power gain of 3.2 dB, and a PAE of 34.5%

was achieved.
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(a) Output power contours, optimum at 0.7̸ 172◦

(b) Power gain contours, optimum at 0.7 ̸ 172◦

Figure 5.34: Load-pull measurements of a Qorvo 90 nm 6×30µm GaAs at 82.5 GHz
in a backed off condition with an available power of −0.3 dBm.
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Figure 5.35: Power Sweep with ΓL1 = 0.7̸ 172 ◦.
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5.4.3 Discussion

A challenge emphasised by the 82.5 GHz measurements is the significant driver power

requirement. In these measurements, the amplifier was driven to saturation yet

struggled to compress the DUT; this highlights the limited commercial availability

of suitable driver amplifiers.

When characterising devices near their Fmax, the device gain is very low, in-

creasing the demand for driver power. The input mismatch loss was around 5 dB

for the W-band measurements. While source tuning could theoretically reduce the

mismatch loss, it introduces an additional mismatch between the driver amplifier

and the source tuner, reducing the driver’s maximum output power.

In addition to mismatch loss, there is a path loss of approximately 5 dB between

the driver amplifier and the DUT, through the coaxial cable and tuner elements.

These combined losses necessitate a driver amplifier capable of delivering output

power approximately 10 dB greater than the DUT’s maximum input power required

for compression. Referring to the power amplifier survey in Figure 5.1, the power

necessary to compress the DUT approaches the reported maximum for GaN PAs at

W-band (≈35 dBm).

To overcome the input mismatch loss and reduce the reliance on large driver am-

plifiers, unit cell transistors can be designed with matching networks to transform

the impedance looking into the device to 50 Ω. This solution was not in the scope

of this work and has several disadvantages. Firstly, adding a matching network to

the input of a unit cell would inherently limit the bandwidth of the measurement to

the region in which the cell is designed to be characterised. Secondly, to accurately

capture the input reflection coefficient presented to the device an accurate charac-

terisation of the network is required. Thirdly, its a solution that is unlikely to be

adopted in industry due to the limited wafer space typically allocated to test cells

and the significant cost of wafer space. A typical 0.15µm gate length 6 inch GaN

on SiC wafer costs approximately €50,000.
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5.5 Conclusion

This chapter has demonstrated a state-of-the-art mm-wave single-sweep load-pull

measurement system capable of multi-harmonic tuning and waveform measurement

up to 100 GHz.

The chapter detailed the calibration and verification procedures to ensure reliable

and accurate results. This included source levelling, which was used to maintain

constant power during calibration by compensating for significant power variations

caused by up-conversion. Subsequently, tuner characterisation and calibration were

conducted to produce a look-up table of impedances for the load-pull software to

control each tuner slug for multi-harmonic tuning. An absolute calibration was

then performed to evaluate the absolute quantities at the measurement reference

plane. Finally, a vector calibration was completed to shift the reference plane to the

centre of a zero-length thru, allowing for direct measurements at the gate and drain

manifold of the device.

Following calibration, a comprehensive load-pull characterisation was performed

on a 90 nm GaAs device at 27.5 GHz, up to the third harmonic of 82.5 GHz. The

results demonstrated improved PAE performance of at least 3% over fundamental-

only tuning. Gate and drain waveforms at the extrinsic plane of the device were also

presented. Additionally, fundamental measurements at W-band were conducted on

the same device, achieving a demonstrated PAE of 34%.

This chapter underscored several limitations of the system, such as the restricted

tuning range of the passive tuners, which reduced the effectiveness of harmonic tun-

ing. It also highlighted the inability to achieve the fundamental optimum impedance

at W-band. This is a significant takeaway, suggesting the need to explore upgrades

to the measurement system, such as transitioning to a hybrid system to achieve

higher reflection coefficients. However, further research is required to evaluate the

feasibility and practicality of a hybrid or a dedicated active system.

Another important observation discussed in this chapter was the increased uncer-
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tainty encountered when the load-pull system was configured to measure a DUT at

E-band. During calibration, the maximum uncertainty in measuring a zero-length

thru was 0.15 dB. However, this increased to 0.8 dB when the measurement was

repeated after the system was configured for device measurements.
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Chapter 6

Error Correction Uncertainty

Evaluation for Millimetre-Wave

Load-Pull Systems

6.1 Introduction

As frequencies extend into the mm-wave bands, the design process increasingly

depends on accurate measurements and precise device models. Higher frequencies

also drive circuit miniaturisation, transitioning from designs using packaged ICs on

PCBs to entire circuits integrated onto a single die in MMIC form.

Given the cost and complexity of MMIC production, generating accurate device

models is essential to minimising the number of design/tape-out iterations required

to produce a profitable product.

Accurate load-pull measurement data plays a critical role in the extraction and

optimisation of device models. For large-signal behavioural models, such as the

Cardiff model [1] and X-parameters [2], model extraction is directly based on load-

pull measurement data.

Additionally, commercial compact models, such as the Angelov model [3] and

EEHEMT1 [4], rely on load-pull data for validation and tuning of parameters.
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This highlights the importance of obtaining accurate load-pull measurement re-

sults. The literature on measurement accuracy for power amplifier characterisation

places a significant focus on S-parameter characterisation. This emphasis is justified,

as large-signal calibration fundamentally relies on accurate S-parameter calibration.

For S-parameter calibration, the primary tool is the NIST Calibration Uncer-

tainty tool [5], which calculates and propagates total measurement uncertainty. This

tool uses known characteristics of the measurement setup or calibration kit, such as

cable bend, the repeatability of coaxial connections, and fabrication process varia-

tions.

In this comprehensive paper [6], the authors use the NIST calibration uncer-

tainty tool to propagate various errors through to the measured waves in a load-pull

measurement. The authors consider factors such as coaxial cable bending, connec-

tor repeatability, calibration standard error, probe alignment, the HPR and random

errors in their analysis. The authors present their findings as a sensitivity analysis

of a measured device, detailing the load dependence of uncertainty.

However, the authors acknowledge that their proposed uncertainty model cannot

be evaluated in real time. It requires a complete model of the measurement system

and careful control of uncertainty modes, making it impractical for use in a real-

world commercial load-pull measurement setup.

Another strategy employed in literature [7], [8], [9] and [10] focuses primarily

on the evaluation of the uncertainty at the load-pull measurement stage without

directly calculating uncertainty from calibration like in [6].

In [7], the authors investigate the effect of uncertainty due to the power scal-

ing term. They demonstrate the increased uncertainty of output power, gain and

efficiency when performing measurements at highly reflective load reflection coeffi-

cients.

In [8], the focus moves to the relative uncertainty on load-pull measurements.

The authors perform a load-pull measurement and evaluate the uncertainty in the

power gain when measuring a zero-length thru. The focus is placed on the correc-
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tion of uncertainty, with the method demonstrated in simulation and then applied

in measurement but without any direct plots of power gain uncertainty in a real

measurement system.

This work was developed upon in [9] by showing measured uncertainty of power

gain under load-pull conditions, with an uncertainty reaching 1 dB for an undefined

frequency at the edge of the Smith chart. In [10], the work showed uncertainty

for a frequency of 40 GHz with a measurement showing up to 1.8 dB. This paper

also demonstrated that power gain is a better metric for viewing uncertainty than

transducer gain.

These papers show that measurement uncertainty increases rapidly as the load

impedance approaches the edge of the Smith chart. This is crucial for modern

satellite communication applications, which increasingly use solid-state power am-

plifiers for Ka-band and W-band. With the increased use of III-V technology for

high-frequency applications, there is a prevalence for the use of GaN devices, with

unmatched power performance at Ka-band [11] and pushing towards to W-band and

beyond [12], [13]. GaAs devices still dominate W-band and D-band solutions with

the increased Ft and Fmax and the lower regulated power requirements for these

applications[14]. Both technologies have typical optimum reflection coefficients for

a power match in the region of |ΓL| = 0.8 for these high-frequency applications.

This work fills the gaps in the literature by practically investigating the uncer-

tainty present in real-world mm-wave load-pull systems. The methods proposed in

this chapter attempt to determine route causes for the measurement error described

in the literature by first determining best case uncertainty on different load-pull

systems by eliminating perceived error sources (random error and systematic error).

For the first time the effect of random error at the calibration stage is simulated and

propagated through to load-pull measurement giving clear guidelines to load-pull

measurement operators about the required VNA dynamic range. Secondly, sys-

tematic error sources are investigated, this being the first time that set-up related

error specifically for load-pull measurements is investigated and can be actionably

122



quantified by the operator.

Section 6.2 details the measurement system and the calibration procedure, Sec-

tion 6.3 introduces the metric used to quantify uncertainty in this work and estab-

lishes a baseline uncertainty level in two mm-wave load-pull systems. Section 6.4

presents a theoretical and experimental characterisation of uncertainty present in

the load-pull systems. This topic was the point of discussion in a conference presen-

tation [15], and the results were formalised and presented in the IEEE Microwave

Theory and Techniques transactions paper from the author [16].

6.2 System Description

This section is based on measurements performed on two mm-wave load-pull systems

in the laboratory at Cardiff University. They are used to investigate errors when

calibrating and measuring mm-wave devices from Ka-band to W-band.

System one is a real-time, vector-receiver, active LP system with a maximum

frequency of 67 GHz, shown in Figure 6.1. The system contains a 67 GHz Ro-

hde & Schwarz (ZVA 67) VNA, using an external test set based on Marki 2-67 GHz

(C-0265) directional couplers. The VNA receivers are connected to the directional

couplers using 1.5 m semi-rigid 1.85 mm coaxial cables. For on-wafer measurements,

any set of probes can be mounted, but the typical ground-signal-ground (GSG)

probe pitch used on this system ranges between 100 and 150µm with a maximum

frequency of 67 GHz.

System two is a passive on-wafer LP system, capable of measurements up to 110

GHz, and is shown in Figure 6.3; this system was detailed in Section 6.2. This work

is tailored for fundamental frequency measurements; therefore, the system is not set

up to use the oscilloscope for phase coherence.
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Figure 6.1: Active LP measurement system diagram [16].

Figure 6.2: Active LP measurement system [16].
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Figure 6.3: Passive LP measurement system diagram [16].

6.2.1 Calibration and Measurement procedure

The large signal calibration procedure is a standard procedure independent of the

measurement system, except for tuner calibration for the passive load-pull systems.

It is detailed in Section 2.3.2.

In this section, the TRL calibration algorithm[17] was used exclusively. This

decision was influenced by the research on the accuracy of calibration algorithms for

mm-wave on-wafer measurements. In [18], the authors compare standard calibra-

tion techniques, SOLT, LRRM, TRM, TRL, and additionally mTRL in [19]. The

papers conclude that the error related to the definition of the standards prevent the

SOLT from obtaining high accuracy measurements above 10 GHz. The TRM cali-

bration shows a lower error than SOLT but still has the issue of accurately defining

the match standard. The remaining three calibration techniques are far superior

because there is no requirement to define the standards accurately. The authors

in [18] compare up to 40 GHz and show a marginal improvement in the accuracy

of TRL over LRRM. In [18] the authors conclude that there is negligible difference

between LRRM and TRL up to 90 GHz, but beyond that frequency the TRL/mTRL
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algorithm is significantly more accurate. The loss of accuracy of LRRM at higher

frequencies is due to the extraction procedure of the load series inductance, assum-

ing a constant response across frequency. In reality, as frequency increases, the

equivalent model of the load becomes increasingly complex, which is not captured

in the LRRM algorithm. The advantage of the mTRl algorithm over TRL is the

extended frequency range. The line in both algorithms sets the calibration reference

impedance; for the TRL, it is defined for frequencies covering the electrical length

between 20◦ and 160◦, and separate measurements can be performed covering differ-

ent frequency bands. However, this typically results in discrepancies at band edges.

In the mTRL algorithm, multiple line lengths can be combined, and the reference

impedance term is averaged across the frequency band.

As the section covers large signal fundamental measurements, the wide band-

width offered by the mTRL calibration is not required, so a TRL calibration is

selected.

A calibration kit was designed for each material type to evaluate the calibration

at the same reference plane in which a device is measured. This avoids the difficulties

of de-embedding feed lines when measuring a device [20] [21].

Figure 6.4: Generalised load-pull system diagram [16].

This list contains a summarised set of steps used in this section to perform large

signal calibration, verification and measurement, with reference to the generalised

system in Figure 6.4.

1. Configure the measurement system.
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2. Perform on-wafer vector calibration at the DUT reference planes (position 1

in Figure 6.4).

3. Verification of vector calibration.

4. Perform absolute calibration at the extended output port (position 3 in Fig-

ure 6.4) Using a SOL coaxial calibration and power meter.

5. Add bias-tee, circulator and external amplifiers outside the reflectometers (po-

sition 2 and 3 in Figure 6.4)

6. Verification of large-signal calibration.

7. Perform LP measurement.

6.3 Uncertainty Evaluation

6.3.1 Background

As discussed, measurement uncertainty for load-pull has been well-documented, with

a propagation of error study from modelled measurement and calibration kit charac-

teristics to a set of measured waves detailing the sensitivity of error to load reflection

coefficient in [6].

The uncertainty due to the inaccuracy of the power coefficient in absolute cali-

bration and its subsequent impact on absolute measured quantities such as output

power and efficiency was reported in [7].

This section focuses on errors throughout the large signal calibration, caused

explicitly by configuring an mm-wave measurement system to measure a real device

and its effect on the measured ratio quantities.

The method for evaluating calibration residual uncertainty, [8], [9], [10], [22] use

the LP measurement of a zero-length thru, to evaluate a given metric, shown below:
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The power gain is given by:

GP =
Pout

Pin

=
|b2|2 − |a2|2

|a1|2 − |b1|2
=

|b2|2(1 − |ΓL|2)
|a1|2(1 − |Γin|2)

(6.1)

where Pin, Pout are the delivered power to the input and output, respectively.

The transducer gain is given by:

GT =
Pout

PAv

=
|b2|2 − |a2|2

|a1|2
=

|b2|2(1 − |ΓL|2)
|a1|2

(6.2)

Where PAv, Pout are the available input power and the delivered output power,

respectively.

This equation can be re-arranged for a zero-length thru to evaluate the residual

calibration uncertainty, whereby a value ̸= 1 is an error.

∆GT =
(1 − Γ2

S)|a1|2

|1 − ΓSΓL|2|b2|2
(6.3)

Again, the gain ratio from an LP measurement of a zero-length thru should be

1 in an ideal calibration with no errors.

The gain ratio is given by:

G =
|b2|2

|a1|2
(6.4)

The ratio of the reflection coefficient in magnitude and phase can also be used.

The reflection coefficient magnitude ratio is given by:

∆|Γ| =
|ΓL|
|Γin|

(6.5)

The reflection coefficient phase ratio is given by:

∆̸ Γ =
̸ ΓL

̸ Γin

(6.6)

All these methods will be used to evaluate the uncertainty in calibration. How-

ever, the power gain is preferred due to the evaluation across all four measured waves
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and includes the terms ΓL, Γin, a1 and b2.

In a real-world measurement system, it is not practical to directly calculate

uncertainty for every applicable metric as was performed in [6] using the calibration

uncertainty tool [5]. Instead, this section attempts to use a more practical method

that can be used in any real-world measurement system to evaluate the level of

uncertainty before measurement. Using these metrics, the authors will discuss the

primary sources of practical measurement error. This will be set out in the following

section, with a detailed flow identifying the source of the error.

6.3.2 Reference uncertainty

The first stage in the investigation is to understand the baseline uncertainty in both

measurement systems shown in Figures 6.1 and 6.3, at key frequencies of interest.

This provides a starting point to determine the best case uncertainty when the

system is calibrated in an ideal scenario and compare this with the uncertainties

reported in literature [9] and [10].

To determine the baseline uncertainty, the author attempts to minimise potential

error sources, such as random error, relating to dynamic range constraints of the

measurement system, such as minimising attenuation between the device plane and

the VNA measurement receivers, setting the VNA source RF power close to its

maximum and configuring the IF bandwidth to 1 Hz. Setting the IF bandwidth

to 1 Hz is an ideal condition although lacks practicality, each measurement point

taken at 1 Hz takes approximately 1.5 seconds. For an S-parameter measurement

this is 3 seconds due to the forward and reverse measurement for each point, this

is multiplied by three for the three different calibration standards and then again

by the number of frequencies calibrated across. For load-pull measurements, only

a forward measurement is taken but this is performed at every load point. For

safety, the load-pull algorithm does not aggressively converge to automatically tune

to the desired load point in a single measurement point but does this overall several

measurements to prevent load conditions that lie outside of the Smith Chart which
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can cause damage. A typical low density load-pull measurement across the smith

chart for a single frequency consists of approximately 100-200 load-points, leading

to an approximate time of 15 minutes. Systematic error sources are reduced, such as

using probe alignment markers on the TRL calibration standards and an automatic

chuck to achieve repeatable contact with the probes.

Precautions were taken to limit any error introduced by mechanical alterations to

the system between calibration and measurement. The first was to ensure that the

thru standard was the final standard to be measured and probed for the calibration

to eliminate the need to re-probe between calibration and the verification load-pull

measurement. The second precaution was to conduct the absolute calibration prior

to vector calibration; although the vector or absolute calibration can be performed in

any order, it is standard practice to conduct the vector calibration first. In this case,

we assume that mechanical changes to the system can potentially introduce error;

we prioritise the accuracy of the vector calibration over the absolute calibration.

A large-signal calibration was conducted ten times on both systems to establish

a typical level of uncertainty under near ideal conditions.

Figures 6.5 and 6.6 illustrate the best-case residual uncertainties of the power

gain, transducer gain, reflection coefficient magnitude and phase ratios for both the

active and passive measurement systems. The power gain uncertainty is the most

indicative of system error as it contains all four of the measured waves.

Firstly, a comparison was made of the uncertainty metrics for the active and

passive systems at 27.5 GHz using the red traces in Figures 6.5 and 6.6.

These show that both systems exhibit similar baseline uncertainty levels across

all four relative measures. For the uncertainty on the power gain, a typical maximum

of ± 0.1 dB, although this is not a like-for-like comparison as the reflection coefficient

on the active system was measured up to ΓL = 0.95 compared to ΓL = 0.75. At

a common ΓL = 0.75, the active system has a maximum uncertainty of ±0.03 dB

versus ±0.1 dB for the passive system. A comparison of the residual transducer gain

showed an almost identical maximum error of ±0.04 dB for both systems.
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(c) Reflection coefficient magnitude ratio.
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(d) Reflection coefficient phase ratio.

Figure 6.5: LP measurement showing typical best-case residual uncertainty versus
the magnitude of ΓL, as measured on a zero-length thru on the Active LP system at
27.5 GHz over an equally distributed set of load impedances across the Smith chart
[16].
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(b) Delta transducer gain, in decibels.
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(c) Reflection coefficient magnitude ratio.
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(d) Reflection coefficient phase ratio.

Figure 6.6: LP measurement showing typical best-case residual uncertainty versus
the magnitude of ΓL, as measured on a zero-length thru on the passive LP system
at 27.5 and 82.5 GHz over an equally distributed set of load impedances across the
Smith chart [16].
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The reflection coefficient magnitude and phase ratios must be taken with care,

they appear to magnify error a low reflection coefficient values. At low reflection

coefficients, both values of the ratio are very small values, ideally the same, giving

a ratio of 1. But at low values, marginal changes to the reflection coefficient caused

by a limited system dynamic range can appear as large error but is in fact a very

small error. This metric is important for load-pull characterisation of devices as it

provides an indication of the accuracy of the load impedance the system is tuned

too. From a designers perspective, it is crucial to know the impedance condition of

the maximum output power or efficiency, error in this can be the difference between

design success and underperformance.

For the active system, there was a maximum absolute magnitude uncertainty of

±0.05 versus ±0.1 for the passive system. The phase ratio also showed a similar

trend as the magnitude ratio, with the greatest error near the centre of the Smith

chart, with the active system showing an error of ±4◦; this plot also showed a 1◦

mean error across the reflection coefficient sweep, compared to the passive system

that showed a maximum uncertainty of ±6.5◦ with a mean error of 1.5◦ across all

conditions.

The final evaluation compares the levels of uncertainty across frequency range,

using Figure 6.6, where the uncertainty metrics were compared for 27.5 GHz and

82.5 GHz. This comparison was only made on the passive system due to the limited

frequency range of the active system. It is immediately apparent that the uncertainty

metrics are significantly higher at 82.5 GHz. Even with a lower tuning range at

82.5 GHz, the maximum uncertainty is 0.25 dB versus 0.1 dB at 27.5 GHz. The

residual transducer gain error is a maximum of ± 0.2 dB at 82.5 GHz versus ±0.04 dB

at 27.5 GHz. Although the uncertainty on the magnitude and phase ratios show

a higher maximum uncertainty for 27.5 GHz, it is the author’s opinion that this

is related to dynamic range considerations more than raw calibration uncertainty.

The magnitude and phase ratio have a maximum uncertainty of ± 0.03 and ± 3 ◦,

respectively at 82.5 GHz.
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The uncertainties exhibited in Figures 6.5 and 6.6 show a good level of accuracy

can be obtained for measurements under 67 GHz for both the passive and active

measurement systems; however, there is a significant increase in uncertainty for

frequencies above this.

At this stage, for both systems, the baseline uncertainties are categorised as

measurement repeatability errors and are believed to be related to non-linear drift,

especially for frequencies above 67 GHz where the extender kicks in. This additional

uncertainty offers an opportunity to be investigated in future work, although po-

tential reasons for this could relate to the lack of temperature regulation for these

extender receiver modules or the receivers having a lower linearity compared to the

base VNA. The motivation for this suggestion is following the two occasions of con-

tinuous measurement of a thru standard following calibration, where the load-pull

system was tuned to a load reflection coefficient system of 0.7 ̸ 180 ◦ at 82.5 GHz,

and a wave measurement was taken once every 5 seconds for 14 hours and the power

gain plotted. The noise-related random error was measured over a short time period

and was calculated to be approximately 0.01 dB.
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Figure 6.7: Power gain over time for the passive load-pull measurement system with
ΓL = 0.7̸ 180 ◦, performed twice at a frequency of 82.5 GHz.

There is a significant level of drift over time, with a maximum range of 0.2 dB.

This drift was measured at the highest reflection coefficient obtainable at this fre-
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quency on this system. The system drift becomes more significant when tuning to

high reflection coefficients with negligible drift at 50Ω. A review of manufacturers

data shows little published data of drift standards. This offers motivation for future

investigations into understanding the reasons for this drift. Although measurement

drift has been discussed in the literature, the research in [23] discusses and models

the effect of nonlinearity in the VNA receiver chain and [24], which attempts to

characterise and model the random changes in the VNA measurement behaviour by

analysing the change in calibration coefficients related to the steady-state tempera-

ture and humidity drift and a change in noise and power levels. This chapter uses

the uncertainties in this section as a baseline reference for further uncertainty and

error analysis.

6.4 Calibration Error

With the baseline uncertainty evaluated in the previous section, any uncertainty

above the baseline is considered a calibration error, and the route cause will be

determined. From a rigorous evaluation of sources of errors that affect the overall

measurement error, the two sources that will be considered in this section are related

to the calibration dynamic range requirements for the measurement of high-power

devices. The second is measurement setup-induced error following vector calibration.

The systems are configured separately to isolate the mechanisms for calibration

error: for high-power measurements, increasing the attenuation levels between the

DUT and receiver ports (Section 6.4.1) and configuring the system for measuring a

device (Section 6.4.2).

6.4.1 Random Error

The ability to measure a DUT with greater output power comes with a trade-off

with measurement accuracy due to the finite dynamic range of the VNA and the

associated measurement hardware [25]. In modern VNAs, the maximum output
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power available at the source port and dynamic range are frequency-dependent, but

are typically around 10 dBm and 120 dB, respectively.

A VNA can accurately measure across only a finite dynamic range. When mea-

suring high power levels, the VNA receivers begin to compress and eventually sat-

urate, typically at -5 dBm; this introduces measurement error, as the calibration

procedure assumes a linear power response on the measurement receivers. At lower

power, the power reaches comparable levels to the receiver noise floor, reducing

measurement accuracy.

This introduces a trade-off that the system operator must balance. Enough

attenuation must be added to the receivers to prevent receiver compression but

not too high to remain significantly above the noise floor to avoid a reduction in

accuracy for all eventual measurement conditions in which the system will be used.

The major limitation is that all calibration stages are typically performed using just

the VNA source ports and are not typically performed using the same amplifier used

to measure the large signal response of a device; these are added post-calibration.

This limitation makes this trade-off critical for optimising load-pull measurement

accuracy. In the Rohde & Schwarz ZVA 67 VNA specification document [26], the

maximum source power available from the VNA is 10 dBm, and a maximum dynamic

range of 120 dB with direct access to the measurement receivers. These figures

are specified at the VNA ports and are degraded by measurement setup loss and

attenuation.

This trade-off has been discussed briefly in [25], but to the author’s knowledge,

there have not been any detailed papers describing the optimisation of this trade-off

for high power load-pull measurements.

This section investigates this trade-off through ideal simulations and practical

measurements to demonstrate the trade-off’s criticality and offer suggestions for the

dynamic range required to measure with an x level of accuracy.
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Simulations

The trade-off was evaluated in a simulation to eliminate all other forms of error and

isolate the error to dynamic range. The simulation involved the vector calibration

of a set of defined TRL calibration standards with an added Gaussian noise source

to replicate dynamic range. These were propagated through to an ideal load-pull

measurement of the calibrated thru standard. This simulation was implemented in

MATLAB, and the procedure and simulation theory are detailed in this section.

Defining the S-parameter matrix for TRL standards. Below are the ideal S-

parameter matrices for the thru, line, and reflect standards. In this analysis, a

short is used as the reflect standard. For simplicity, the standards are defined as

frequency-independent.

SThru =

 0 1ejϕ

1ejϕ 0

 (6.7)

SLine =

 0 1j(ϕ+θ)

1j(ϕ+θ) 0

 (6.8)

SShort =

1jπ 0

0 1jπ

 (6.9)

Where ϕ is the electrical length of the thru standard and θ is the additional

length of the line standard.

By multiplying these S-parameter definitions by a21,f and a22,r, which are nor-

malised to 1, the response, b, waves can be easily be determined to replicate a

complete set of 24 S-parameter measurements.

b1
b2

 =

[
SStandard

]a1
a2

 (6.10)

Gaussian white noise is applied to the set of measured waves to replicate a given
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dynamic range, using the MATLAB function, awgn and is performed N times,

using uncorrelated noise realisations.

This dynamic range is swept across a practical range, creating a 24×D×N ma-

trix, where D represents the number of dynamic range conditions and N represents

the number of uncorrelated noise realisations.

The S-parameter matrices can be reformed using the switch correction process

described in Section 3.1.1 to assemble a set of noise-affected S-parameters for each

standard in a matrix of size 2×2×3×D×N .

A TRL calibration is performed D×N times, generating a set of error coefficients.

An ideal LP simulation is set up to evaluate the effect the dynamic range has on

the residual calibration error for a load-pull measurement. A simulation of a load-

pull measurement is performed on the raw ideal thru standard to ensure the same

grid of load reflection coefficients is used. The measured waves from this load-pull

are then corrected using the set of calibration coefficients for each dynamic range

condition. The load reflection coefficient is swept in magnitude and phase covering

the entire Smith chart, with |ΓL| swept from 0 to 0.95 in steps of 0.05, and ̸ ΓL
◦

swept from 0 ◦ to 350 ◦ in steps of 10 ◦.

Using the thru standard, the S-parameter equations can be re-arranged to cal-

culate the value of the measured waves at each load condition.

b2 is calculated using (6.11) - (6.14).

b2 = Sthru
21 a1 + Sthru

22 a2 (6.11)

b2 = Sthru
21 a1 + Sthru

22 b2ΓL (6.12)

b2(1 − Sthru
22 ΓL) = Sthru

21 a1 (6.13)

b2 =
Sthru
21 a1

1 − Sthru
22 ΓL

. (6.14)
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b1 is calculated using (6.15) - (6.17)

b1 = Sthru
11 a1 + Sthru

12 a2 (6.15)

b1 = Sthru
11 a1 + Sthru

12 b2ΓL. (6.16)

Substituting b2 into the solution

b1 = Sthru
11 a1 + Sthru

12 ΓL(
Sthru
21 a1

1 − Sthru
22 ΓL

). (6.17)

a2 is calculated using (6.18) and (6.19)

a2 = ΓLb2 (6.18)

a2 = ΓL(
Sthru
21 a1

1 − Sthru
22 ΓL

) (6.19)

The dynamic range was constrained to a maximum of 90 dB and a minimum

of 50 dB to limit the analysis to a practical range [26] and was performed using

N = 10, 000 noise realisations.

A set of waves for each load condition was calculated and calibrated for each

dynamic range condition using the large signal calibration equation in (3.63).

The standard deviation, σ, of the power gain from load-pull due to a given

dynamic range during calibration was calculated for each magnitude of the load

reflection coefficient to demonstrate the sensitivity.

The effect of dynamic range on LP measurements is shown in Figure 6.8. It is

shown that the standard deviation of calibration error remains marginal, at less

than 0.05 dB, for all displayed dynamic range conditions up to |ΓL| = 0.4. However,

this error becomes significant when measuring highly reflective loads. When the dy-

namic range goes below 80 dB, the accuracy of the measurements begins to degrade

significantly in highly reflective conditions. The probability distribution function of

the power gain is plotted for each dynamic range condition at four highly reflective
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Figure 6.8: Simulated standard deviation of power gain for an LP measurement with
10,000 noise realisations, N for each reflection coefficient and dynamic range versus
the magnitude of ΓL [16].

conditions with |ΓL| = 0.8, 0.85, 0.9 and 0.95.

Figure 6.9 shows the probability distribution functions of the dynamic range ef-

fect on four different highly reflective load conditions, from |ΓL| = 0.8 to 0.95. For

|ΓL| > 0.8, when the dynamic range is reduced to 70 dB, the calibration error begins

to exceed the baseline calibration error from Section 6.3.2. The error becomes sig-

nificant if the dynamic range goes below this. Although this is unlikely in a practical

measurement case, for the ZVA 67, the dynamic range would need to be degraded

by 50 dB for significant error to occur. This is an important consideration for mea-

suring harmonic quantities, where the optimal termination for a power amplifier is

a reflection coefficient of 1.

The analysis was extended beyond the configuration of the measurement system

to the standards themselves. The Gaussian noise was only applied to select stan-

dards in the calibration process, and the results were plotted to understand which

standards are the most susceptible to result in a residual calibration error, as defined

in this section. This was simulated for three conditions: the first, where the noise

was applied equally to all standards; the second to only the thru standard; and the

third to just the reflect and line standard.
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(a) |ΓL| = 0.8.
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(b) |ΓL| = 0.85.

-1.0 -0.8 -0.6 -0.4 -0.2 0.0 0.2 0.4 0.6 0.8 1.0
0.0

0.1

0.2

0.3

0.4

0.5

0.6

0.7

0.8

0.9

1.0
 50 dB
 60 dB
 70 dB
 80 dB
 90 dB

N
or

m
al

is
ed

 P
ro

ba
bi

lit
y

GP (dB)

(c) |ΓL| = 0.9.
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(d) |ΓL| = 0.95.

Figure 6.9: Simulated normalised probability distribution function of power gain
for a given reflection coefficient with 10,000 noise realisations per dynamic range
condition [16].

141



0.0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1.0
-0.1

0.0

0.1

0.2

0.3

0.4

0.5

 o
f G

P 
(d

B)

| L|

 All standards
 Thru
 Reflect and Line

Figure 6.10: Simulated standard deviation of power gain for an LP measurement
with 10,000 noise realisations for each reflection coefficient and dynamic range versus
the magnitude of ΓL.

In Figure 6.10, the results show that the dynamic range only impacts the mea-

surement of the thru standard. No error was displayed when noise was applied to

only the short and line standards. The author acknowledges that a reduced dy-

namic range on the line and short standards would result in calibration error and

affect other parameters not considered in this section; for the case of the line, the

calibration reference impedance would be affected.

Measurements

Section 6.4.1 established that a reduction in the system dynamic range during cal-

ibration impacts the accuracy of load-pull measurements; this error becomes sig-

nificant in highly reflective terminations. This section investigates the impact of

calibration dynamic range in an active load-pull measurement system at 30 GHz.

The system used for these measurements is the active load-pull system described

in section 6.2 and shown in Figure 6.1 and 6.2. This system provides the best

comparison to the simulation results due to no limitations in the tuning range.

The base VNA and the system were characterised to estimate the system dynamic

range in each measurement condition to compare the measurement results directly

to the simulations in Section 6.4.1.
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For the Rohde & Schwarz ZVA67 VNA, the noise floor of the receivers could be

directly measured. The noise floor of the VNA is improved with direct access to

the receivers, which is the configuration used for LP measurements. The measured

noise floor was approximately -117 dBm/Hz. Evaluating the receiver’s linearity and

compression level is a complicated and sensitive measurement; hence, the upper

power limit was found using the equipment specification [26]. The receivers remain

linear (<0.1 dB compression) up to -5 dBm and begin to further compress from -

5 dBm to 0 dBm (<0.3 dB compression), no further information on compression is

given for receiver power above 0 dBm. The maximum receiver power used for this

work is -5 dBm.

These specifications give the maximum dynamic range of the instrument, which

for an IF bandwidth of 1 Hz is 112 dB, which is a sufficient range to achieve accu-

rate load-pull measurements, using Figure 6.8 as a reference. However, connecting

hardware to perform LP measurements will result in a degraded dynamic range.

The hardware required for LP measurements consists of a set of coaxial cables,

which connect to a pair of directional couplers. These couplers are fixed to a set of

on-wafer probes that probe a DUT. Each element has an associated loss, degrad-

ing the system’s dynamic range. At 30 GHz, the 1 m 1.85 mm coaxial cables each

have approximately 5 dB of loss, and the directional coupler and probe to DUT

transition around 10 dB. A total of 15 dB attenuation between the receivers and the

DUT results in a degradation in the dynamic range only if the source power dur-

ing calibration cannot also be raised by that amount. For this setup, the maximum

available power at the DUT is approximately 0 dBm, leaving a maximum calibration

dynamic range when the IF bandwidth is 1 Hz of 102 dB.

The first measurement condition was to fix the IF bandwidth at a standard

setting for high-accuracy measurements of 100 Hz and perform a calibration with

varying attenuation levels, allowing for a direct comparison with simulation. These

settings result in a dynamic range for the initial condition of 82 dB, degraded by

each attenuator added. The experiment was performed using the steps shown below.
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1. Set up the measurement system for vector calibration with attenuation A on

each receiver.

2. Set the IF bandwidth to 100 Hz.

3. Measure TRL calibration standard N times.

4. Calibrate the system using one set of calibration coefficients.

5. Perform the LP measurement with the IF bandwidth set to 1 Hz.

6. De-embed the calibration coefficients from the LP measurement to get uncor-

rected measured waves.

7. Apply calibration coefficients to the measured uncorrected waves N times.

8. Calculate power gain statistics.

9. Repeat steps 1) - 8), adding 10 dB of attenuation to the receivers each time.

The attenuation between the VNA receivers and the DUT was calculated us-

ing the calibration error box terms below to compare the dynamic range during

measurement with the simulation.



b1,d

a1,d

b2,d

a2,d


=

1

e10



1

e01
−e00
e01

0 0

e11
e01

−∆EA

e01
0 0

0 0
1

e32
−e33
e32

0 0
e22
e32

−∆EB

e32





b1,m

a1,m

b2,m

a2,m


(6.20)

The large signal calibration equation in (6.20) shows the relationship between the

measured and calibrated a and b waves. When scaled by the large signal coefficient,

it tells the loss between the DUT and receivers, which can be converted into dB. For

this method to remain accurate as the attenuation was increased, the coefficient was

averaged across the number of calibrations N . This method was the most precise
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way to determine the attenuation in each receiver path without reconfiguring the

system to measure each quantity.

Using the methodology from steps 1) - 9), a set of calibrations at different atten-

uation conditions ranging from 15 dB to 45 dB was conducted, with N = 1000.
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Figure 6.11: Measured (Scattered Points) and simulated (Solid Line) standard de-
viation of power gain from an LP measurement with 1000 calibrations for each at-
tenuation condition versus the magnitude of ΓL. The measurement was performed
on the active LP system at 30 GHz [16].

Figure 6.11 shows a close agreement between the simulated and measured calibra-

tion error across various attenuation conditions. This indicates the characterisation

of the system parameters was accurate, and the simulation can be used to predict the

measured performance. The figure demonstrates the significant rise in the standard

deviation of the calibration error when measuring highly reflective loads, especially

when the attenuation between the DUT and receivers reaches 35 dB or higher. This

attenuation is necessary for measuring devices with an output power of 1 W.

The measured results from these figures were taken, and the normalised prob-

ability distribution of the error at four reflection coefficients, which are reasonable

load conditions when measuring mm-wave devices, are plotted in the figures below.

For a reflection coefficient of |ΓL| = 0.6 - 0.9, in Figure 6.12. For 15 and 25 dB,

the error reaches a maximum of 0.1 dB at 4σ; however, as attenuation rises, the

maximum error also follows this, for 45 dB of attenuation, a maximum error of
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(a) |ΓL| = 0.6.
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(b) |ΓL| = 0.7.
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(c) |ΓL| = 0.8.
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(d) |ΓL| = 0.9.

Figure 6.12: Measured normalised probability distribution function of power gain
with 1000 calibrations for each attenuation condition. This was measured on the
active LP system at 30 GHz with |ΓL| ranging from 0.6 to 0.9 [16].
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0.8 dB at 4σ is seen.

The IF bandwidth of the VNA must be reduced to below 100 Hz to reduce the

calibration error seen in the PDF graphs. A methodology similar to the previous

experiment is employed to demonstrate this case. In this case, the attenuation

is fixed to 45 dB and the calibration IF bandwidth is swept from 1 Hz to 100 Hz

to determine the IF bandwidth setting to reduce the error to an acceptable level

(≤ 0.1 dB).

0.0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1.0
0.00

0.05

0.10

0.15

0.20

0.25

 Measured
 Simulated

100 Hz
50 Hz
10 Hz
5 Hz
1 Hz

 o
f G

P 
(d

B)

| L|

Figure 6.13: Measured (Scattered points) and simulated (Solid line) standard de-
viation of power gain versus the magnitude of ΓL from an LP measurement, the
attenuation is fixed at 45 dB, but the calibration IF bandwidth was swept from 1 Hz
to 100 Hz. The system was calibrated 1000 times at each IF bandwidth. The mea-
surement was performed on the active LP system at 30 GHz [16].

Similar to the investigation when changing attenuation, the plots in Figure 6.13

show the measured and simulated data to have a close match. It shows the worst

case condition, where the IF bandwidth is set to 100 Hz and the standard deviation

of error is 0.23 dB. By reducing the IF bandwidth from 100 Hz the error becomes

0.16, 0.07, 0.05 and 0.03 dB, for 100, 50, 10, 5 and 1 Hz, respectively. Similarly, the

PDFs are plotted for four reflective load conditions for |ΓL| = 0.6 - 0.9.

The plot of PDF for varying reflection coefficients in Figure 6.14 shows the worst-

case calibration error (4σ) is above 0.15 dB for an IF bandwidth of 100 Hz, for each

displayed reflection coefficient. For this measurement setup, to achieve a calibration
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(a) |ΓL| = 0.6.
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(c) |ΓL| = 0.8.
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(d) |ΓL| = 0.9.

Figure 6.14: Measured normalised probability distribution function at |ΓL| = 0.6
- 0.9 of power gain for an LP measurement with 1000 calibrations for each IF
bandwidth condition. Attenuation was set to 45 dB, and the results were from a
measurement at 30 GHz [16].
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error of less than 0.1 dB up to a reflection coefficient of 0.9, an IF bandwidth of 1 Hz

must be used.

To the author’s knowledge, these investigations are the first time calibration

errors from dynamic range conditions for high-power LP measurements have been

investigated and reported. The investigation shows the link and is confirmed in

simulation and measurement; it shows that when the calibration dynamic range is

reduced to ≤70 dB, the error is propagated to error on LP measurements; this error

is sensitive to the measured reflection coefficient, with a rapid increase in error seen.

To overcome the effect of reduced dynamic range when calibrating, the operator must

reduce the IF bandwidth to sufficient levels to compensate for the degradation. This

section guides LP operators on reducing calibration errors to acceptable levels.

6.4.2 Systematic Error

This section investigates the systematic error introduced to a measurement system

when configuring the system for an LP measurement. The information learned from

the previous sections informs us of the additional error introduced. The systems

are configured so that the system has a dynamic range of greater than 80 dB for

calibration and measurement, and systematic error is considered negligible if it falls

below the baseline for the system determined in Section 6.3.

Following the steps in Section 3.2 to perform a large signal calibration and mea-

surement, it is apparent that steps 4.) and 5.) require the system to be reconfigured

to perform the calibration or measurement step. In theory, for 8-term calibration

techniques, the load and source fixtures can be replaced and changed without af-

fecting the calibration, allowing the operator to reconfigure the system to perform

absolute calibration and to measure large signal devices.

The first reconfiguration stage is to perform the absolute calibration at an ex-

tended port plane; this involves a coaxial SOL calibration, followed by the connection

of a power meter to provide a power reference to scale the calibrated waves from

vector calibration. This must be performed at close proximity to the DUT reference
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plane to ensure accuracy, as the power scaling term is determined only by a reflection

coefficient normalisation from the extended port calibration procedure. This section

argues that mechanical stability for this absolute calibration procedure is essential

to obtain accurate measurements when measuring highly reflective conditions dur-

ing load-pull. The absolute calibration reference planes are shown in Figure 6.15;

for the passive system, this is performed at the end of a coaxial cable attaching to

the load tuner; this is the closest proximity the extended calibration can be per-

formed to the probe tips. In the active system, the extended port calibration can

be performed directly on the load directional coupler port; this disadvantage of this

is the extra rotational force placed upon this directional coupler when attaching the

coaxial calibration kit and power meter.

(a) Passive System (b) Active System

Figure 6.15: Extended port plane for the (a) passive and (b) active system. A semi-
rigid coaxial cable connects the extended port plane to the load-side tuner in the
passive load-pull system. For the active system, the calibration is performed at the
load-side directional coupler coaxial port.

Step 5) also requires reconfiguration, which involves adding measurement fixtures

into the system to perform load-pull measurements.

It is common practice to exclude the external amplifiers during the calibration

stages; there are performance and safety reasons for this. Firstly, in [7], the authors

discuss the uncertainty on the absolute scaling term and later discuss the error as

a function of position on the Smith chart when performing load-pull. The experi-
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ment involves measuring the insertion loss of the output reflectometer to evaluate

uncertainty on the absolute scaling term. The work was performed at 18 GHz at two

different power levels, using the VNA source or a preamplifier (TWTA). The exper-

iment showed a significant increase in the uncertainty of the power when measuring

highly reflective loads in the case of the power being calibrated using the preampli-

fier versus the VNA source. The conclusion was that the amplifier noise significantly

affects the absolute scaling term due to the sensitivity of the measurement.

For safety reasons, using an amplifier during vector and absolute calibration is not

common due to damage to structures and equipment. For calibration techniques that

use a match standard, these have a much lower power handling capability compared

to other standards. During the absolute calibration stage, the power from the source

has to be precisely controlled so as not to damage the power meter, as there is little

attenuation between the meter and the source. It is difficult to estimate the power

at the power meter plane due to the lack of precise knowledge of the VNA source

power, amplifier gain, and total path loss to the amplifier.

The system reconfiguration can cause small mechanical perturbations that change

the network parameters of the elements within the calibration plane, which includes

any element between the directional couplers and the path from directional couplers

to the VNA receivers.

Figure 6.16 (a) shows the measurement configuration on the source side of the

passive load-pull measurement system. The system is designed to be reconfigurable

to perform the different stages of the calibration process. However, this brings the

disadvantage of reduced stability of the system, the image shows that the downcon-

version modules sit on a frame above the source port of the tuner, which reduces the

space to position the circulator, bias tee and amplifier. The bias-tee and circulator

sit within custom-made mounts on a sliding rail system, but the amplifier sits away

from the stage, connected by a 1.85 mm coaxial cable.

Figure 6.16 (b) shows a typical set-up for the active system, consisting of driver

amplifiers, circulators and bias-tees connected to the source and load directional
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(a) Passive System (b) Active System

Figure 6.16: The (a) source side of the passive system and (b) the active system
when they have been reconfigured to include measurement fixtures; these include a
bias-tee and external amplifier.

couplers. In this system, the external fixtures are placed onto the probe station,

which has a constant height, z, that does not change when manipulating the probe

z-direction. This configuration was taken due to the limited space on the positioner

to integrate all of the external fixtures.

These images highlight an important consideration for mechanical stability for

on-wafer measurement systems. To ensure limited mechanical strain when the

probes are raised, all fixtures should be mounted onto the same positioner as the

probes. However, the disadvantage is that there is no mechanical isolation between

calibration critical sections (any fixture captured by the vector calibration) and

the external fixtures when connecting or disconnecting coaxial connectors, such as

external amplifiers.

Measurements

In this section, the effects of the mechanical alteration of the system are explored

practically, whilst following the steps in Section 3.2 to perform a large signal cali-

bration. The attenuators from both the active and passive systems are removed to

isolate the error to mechanical alterations, and the IF bandwidth is set at 1 Hz. The
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methodology for this experiment is shown below:

1. Set up the measurement system for vector calibration with no attenuation on

receivers.

2. Set the IF bandwidth to 1 Hz.

3. Measure TRL calibration standards.

4. Calibrate the system.

5. Perform LP measurement on thru standard.

6. Perform extended port calibration and power measurement.

7. Configure the measurement system for LP measurement by adding in a driver

amplifier and bias-tee.

8. Perform LP measurement on the thru standard.

9. Repeat steps 1) - 8) N times.

The above steps are performed N = 10 times at 30 GHz for the active system

and at 27.5 and 82.5 GHz for the passive system.

Figure 6.17 shows four examples of the load-pull measurement of a thru standard

on the active system at 30 GHz after configuring the system for measurement. The

figures show an increasing calibration error above the baseline error of ±0.1 dB. The

error increases rapidly moving to the edge of the Smith chart, with a power gain of

approximately 0.8, 0.65, 0.55 and 0.5 dB for (a), (b), (c) and (d), respectively, at

|ΓL| = 0.9.

Figure 6.18 shows four examples of the load-pull measurement of a thru standard

on the passive system at 27.5 GHz after configuring the system for measurement.

The figures show an increasing calibration error above the baseline error of ±0.1 dB.

The error increases rapidly, moving to the edge of the maximum tuneable range of

the passive tuners, with a maximum power gain of approximately 0.35, 0.35, 0.2 and

0.3 dB for (a), (b), (c) and (d), respectively at |ΓL| = 0.75.
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Figure 6.17: LP measurements of power gain in decibels for a zero-length thru on the
active LP system at 30 GHz following a full large-signal calibration and the system
configured for measurement.
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Figure 6.18: LP measurements of power gain in decibels for a zero-length thru on
the passive LP system at 27.5 GHz following a full large-signal calibration and the
system configured for measurement.
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Figure 6.19: LP measurements of power gain in decibels for a zero-length thru on
the passive LP system at 82.5 GHz following a full large-signal calibration and the
system configured for measurement.
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Figure 6.19 shows four examples of the load-pull measurement of a thru standard

on the passive system at 82.5 GHz after configuring the system for measurement.

The figures show an increasing calibration error above the baseline error of ±0.25 dB.

The error increases rapidly, moving to the edge of the maximum tuneable range of

the passive tuners, with a maximum power gain of approximately 0.6, 0.6, 0.35 and

0.6 dB for (a), (b), (c) and (d), respectively at |ΓL| = 0.65.

In the following figures, a comparison between frequency and measurement sys-

tem is presented, using the first graph (a) in each set of plots from Figure 6.17, 6.18

and 6.19.
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Figure 6.20: Measurement system comparison, showing LP measurements of power
gain in decibels. The systematic error of the (a) active at 30 GHz and (b) passive
system at 27.5 GHz [16].

In Figure 6.20, the systematic error from configuring the system for measurement

is compared across both measurement systems at similar frequencies. The same scale

was used for both figures, and a dashed line at |ΓL| = 0.75 was used to compare the

maximum error at a common reflection coefficient. The maximum error is similar

for the active and passive system at the common reflection coefficient of 0.25 and

0.35 dB, respectively. These figures show a slightly increased error for the active

over the passive system with a difference of 0.1 dB. The reason for the discrepancy

of this error is due for two reasons, the first is that the comparison figure is typical

error from ten measurements on each system, a limited number of measurements
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were taken due to the time taken to calibrate and perform measurements. On

the passive system, a full calibration can take up to a full day, whereas on the

active system a full calibration and measurement could take several hours. The

second reason is that the active system is less mechanically stable than the passive

system, looking at the active system in Figure 6.16 (b), the measurement fixtures are

connected directly to the directional couplers, which are then mounted directly onto

the probes, leaving little mechanical isolation between the measurement fixtures and

the calibrated measured system.
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Figure 6.21: Frequency comparison, showing LP measurements of power gain in
decibels. The systematic error at (a) 27.5 GHz and (b) 82.5 GHz on the passive LP
system.

In Figure 6.21, the systematic error from configuring the system for measurement

is compared for the passive LP system across a wide frequency range. The same scale

was used for both figures, and a dashed line at |ΓL| = 0.65 was used to compare the

maximum error at a common reflection coefficient. There is an increased maximum

error for 82.5 GHz compared to 27.5 GHz at the common reflection coefficient. The

maximum error is 0.2 and 0.6 dB at 27.5 and 82.5 GHz, respectively. These figures

show a significant difference in the error for the E-band measurement up to 0.4 dB,

highlighting the effect of reconfiguration and its frequency dependence. Across all

measurements, there is a rapid increase towards the edge of the Smith chart; this

significantly affects the accuracy of measurements at the E-band; this is of particular
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concern for active implementations at this frequency, where a greater reflection

coefficient can be reached.

Simulations

The important first stage in determining best case uncertainty in the load-pull cal-

ibration procedure and measurement set-up was to develop a simulation of the sys-

tem. The simulation replicates the vector calibration, extended calibration, absolute

calibration and device measurement. This was important to produce a baseline ideal

system without any error sources, this allowed for the implementation of existing cal-

ibration algorithms and implementation of the power calibration. This proved very

useful due to limited published material and equations for implementation of a full

calibration procedure of a load-pull system, this information and knowledge exists

and has been implemented in all real-world load-pull systems but rarely published

works describe it.

The simulated system correctly showed that in an ideal case the power gain

across the entire Smith chart should be zero. The simulation was also used to test

possible conditions to see where error from reconfiguring the measurement system

after calibration arises. This method does not provide any definitive proof about

the source of the error it only offers a guide of the effect by adding small error in

the system.

The simulation was created on Keysight ADS and consists of three schematics:

the first is a simulation of the vector calibration stage using a TRL calibration

kit; the second is the absolute calibration, and the third is a schematic that can

perform a load-pull measurement, using the calibration coefficients determined in

the calibration schematics.

Figure 6.22 shows the schematic for simulating the vector calibration stage of

a large signal calibration. It consists of a switched source for forward and reverse

measurements; the same control signal for the source switch, SPDT Switch3, is

used to control SDPT Switch1 and SPDT Switch2; when performing forward or
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Figure 6.22: Schematic for simulating a vector calibration of a large signal measure-
ment system.

reverse measurements, the system is always loaded with 50 Ω. A dual directional

coupler is placed for sampling the waves, with controllable coupling C, loss L and

directivity D. The receivers are represented by a 50 Ω load and a current and

voltage probe for calculating the measured wave, with controllable attenuation Att

to replicate receiver attenuation for high-power measurements. At the centre of

the system is a TRL electronic calibration (e-cal) module, a set of ideal switches

that toggle between the thru, reflect and line standards. The waves are saved for

each measurement direction and standard, and the vector calibration coefficients are

calculated.

Figure 6.23: Schematic showing the extended calibration plane for simulating an
absolute calibration.

The second schematic replicates the first, in this schematic however, the thru
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standard is placed at the DUT reference plane and the circuit in Figure 6.23 is placed

at the load-side to represent the extended calibration and absolute calibration stage.

A set of switches transition between the SOL standards and the one-port calibration

coefficients are calculated. When the load standard is measured, the voltage and

current are saved and are used to represent the power measurement.

The absolute scaling term is calculated using the error coefficients for the vector

calibration and (3.60). The calibrated input power can be compared with the power

calculated using a set of voltage and current probes at the centre of the thru standard

to verify the calibration.

Figure 6.24: Schematic showing the variable load tuner for simulating a load-pull.

The third schematic is the load-pull simulation using the measurement system

of the previous two schematics. In Figure 6.24 only the tuneable load component

is shown, this impedance is swept across a defined grid. The measured waves are

calibrated to view the waves at the DUT plane, and power and gain contours can

be plotted.

Minor changes can be made to the simulated system to potentially replicate

effects caused by reconfiguring the measurement system in an attempt to understand

the cause of the systematic error. In these experiments, the parameters of the

couplers were changed equally; these were the MVSWR, which is the VSWR of

the mainline, the loss, the directivity and the coupling; for simplicity, these were

changed identically on both couplers by 5%.

From Figure 6.25, the effect of changing the coupler parameters in isolation fol-

lowing the large-signal calibration. A load-pull measurement is performed, and the

error parameters are plotted. The results show a large dispersion of all the parame-
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(d) Reflection coefficient phase ratio.

Figure 6.25: Calibration error metrics versus the magnitude of ΓL when changing a
parameter after the calibration stage, a load-pull was performed, and the parameters
plotted. In each figure, the result of changing four parameters in isolation is the
coupler matching MV SWR, loss, directivity, and coupling.
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ters for a change in the coupler mainline VSWR. The change in the loss introduces a

large change in GP as the reflection coefficient moves towards the edge of the Smith

chart.

The next set of experiments, parameters that could reasonably change when

configuring the measurement system. In this, a small 1◦ phase change is applied to

a1, in the other two measurements, a small 5% loss is applied to either b2 or a2
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Figure 6.26: Calibration error metrics versus the magnitude of ΓL when changing a
parameter after the calibration stage, a load-pull was performed, and the parameters
plotted. Each figure shows the result of changing the phase in the a1 receiver path,
the loss in the b2 and a2 receiver path.

Figure 6.26 (a) shows a significant deviation in GP as a function of the reflection

coefficient. There is no dispersion for the loss on b2 and a1, so it is independent of

the phase of the reflection coefficient. For a phase change in the receiver path of a1,

the error depends on the reflection coefficient phase.
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These results highlight the isolated effects on the error parameters when a single

parameter is changed. While, in simulation, these effects can be directly determined

using the calibration error box terms, the task becomes more complex in a real

measurement system. This is because multiple terms may change when reconfiguring

the system. No straightforward method exists to recompute the new error terms once

the system has been reconfigured.

6.5 Conclusion

This chapter provides a comprehensive investigation of measurement uncertainty in

real load-pull systems. Using an LP on a zero-length thru standard was the technique

used to determine the calibration uncertainty. Firstly, the chapter determines a

baseline level of uncertainty for a active and a passive load-pull system. This was

obtained by limiting large error sources; the TRL calibration technique was used

to maximise calibration accuracy at mm-wave frequencies, and other sources of

uncertainty were reduced, such as lowering the calibration IF bandwidth on the

VNA to maximise dynamic range and limiting error associated with mechanical

alterations caused by altering the system following calibration. Calibration was

performed 10 times, and the load-pull measurement on the thru standard determined

the uncertainty. A maximum uncertainty of < 0.15 dB was found for |ΓL| = 0.95

at 27.5 GHz on the active system, whilst on the passive system at 27.5 GHz, it was

< 0.1 dB at |ΓL| = 0.75 and < 0.25 dB at |ΓL| = 0.65 for 82.5 GHz.

These uncertainties were described as being related to measurement repeatability

and not discussed further. These uncertainties were used as a baseline for the best

case as a platform for further investigations. When configuring the systems for real-

world measurements, these uncertainties increased. The first mechanism described

that caused an increased error was due to random errors related to the system’s

dynamic range. When an operator measures a high-power DUT, attenuators are

added to prevent receiver saturation; due to a limited VNA source power, this leads

to a degraded dynamic range during calibration. These considerations were inves-
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tigated using a combination of simulation and measurements to determine what

dynamic range was required during calibration to achieve accurate load-pull mea-

surement results across the Smith chart. It was shown that there was a direct link

between calibration dynamic range and accuracy when measuring highly reflective

loads, with a rapid increase as the load reflection coefficient moves to the edge of

the Smith chart. There was good agreement between the simulation and measure-

ments, which concluded that a dynamic range of >70 dB is required to achieve high

accuracy measurements (<0.1 dB).

The other mechanism discussed was calibration error introduced by reconfigura-

tion of the measurement system. Following the vector calibration stage, the system

must be altered to perform absolute calibration, which allows for the determina-

tion of the power scaling calibration error term and the addition of measurement

fixtures such as circulators, bias-tees, and driver amplifiers. These alterations can

cause mechanical perturbations, which slightly change the network parameters of

the measurement; it was shown that these slight changes result in large calibration

errors when measuring highly reflective loads. These errors are system-dependent

and relate to how isolated any alterations are from the calibrated system, although

this leads to a trade-off between mechanical stability and reconfigurability, which

is required to perform these complex calibration and measurement procedures. For

the systems described in this work, a similar maximum error was found when com-

paring at the same frequency and load reflection coefficient, 0.3 dB at ΓL = 0.75 at

Ka-band. Whilst on the passive system, at E-band, this maximum error increases

to 0.7 dB.
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Chapter 7

Error Correction Enhancement

Technique for Accurate

Millimetre-Wave Load-Pull

Measurements

7.1 Introduction

It has been established in Chapter 6 that unavoidable errors can be introduced

into a measurement system through two primary mechanisms. The first arises from

the limited dynamic range during calibration, caused by the added attenuation

required to perform load-pull measurements on high-output-power devices. The

second involves changes to the system configuration to enable device measurement.

Both sources of error become increasingly significant at the edge of the Smith

chart. This is relevant to mm-wave compound semiconductor devices that typi-

cally have an optimum reflection coefficient at highly reflective load impedances,

where measurement errors are most pronounced. In turn, this error propagates to

model accuracy, which is particularly problematic for PA designers because they

rely heavily on accurate models to achieve first-pass success of tape-outs.
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In the literature, several papers discuss the sources of calibration uncertainty

and propose methods to correct it. In [1], the authors identify the strong load

dependence of calibration uncertainty and attempt to mitigate it using power gain

as the figure of merit (FoM). After calibration, they conduct a load-pull measurement

on a thru standard and apply a weighted minimisation algorithm to adjust the error

coefficients. This reduces the variation in power gain across the Smith chart. The

algorithm was tested in simulation with the TRM, SOLT, and TRL calibration

techniques and in measurement with SOLT and TRL. In both cases, the correction

method effectively reduces residual uncertainty, achieving reductions of up to 0.4 dB

in the SOLR case.

Building upon this work, [2] addresses the limitations of the original algorithm,

particularly its reduced effectiveness at high reflection coefficients due to improper

weighting, which led to convergence issues. To address this, the authors improve

the minimisation function by incorporating the Nelder-Mead multidimensional non-

linear algorithm, achieving convergence within 100-200 iterations. Using the same

dataset as [1], the revised algorithm shows improved performance, reducing the

maximum error from 1.3 dB to 0.7 dB, compared to the original algorithm’s which

increased the maximum error to 4.9 dB. Additionally, the authors optimise the se-

lection of load impedance points, finding that focusing on conditions around the

edge of the Smith chart provides the best trade-off between accuracy and conver-

gence time, achieving convergence in 31 s. In [3], the algorithm is further adapted

for non-realtime measurement systems.

While these algorithms effectively reduce calibration uncertainty across the Smith

chart, they act directly on the calibration coefficients without imposing constraints,

potentially causing the coefficients to deviate from physical reality. Since power gain

on the thru standard is the primary target, multiple solutions may minimise power

gain, but the impact on other metrics remains unclear.

An alternative method for improving TRL calibration accuracy in load-pull mea-

surements was presented in [4]. Here, the authors use an active load-pull system
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to calibrate the measurement system directly. Standard S-parameter measurements

were performed on the reflect standard, while load-pull measurements were con-

ducted on the thru and line standards. These measurements generate sets of mea-

surement waves, a and b, from which equivalent S-parameters are calculated using

a least-squares approach.

This approach provides additional data points for calculating the S-parameters

of the thru and line standards, resulting in a more accurate estimation. The authors

validate their method by performing a load-pull measurement across the Smith chart

on a thru standard, comparing gain (b2/a1) with that obtained from a standard

vector calibration. The enhanced calibration achieves a maximum gain variation of

0.006 dB, compared to 0.06 dB for the standard vector calibration.

While effective at improving the quality of the calibration data, this method fo-

cuses exclusively on vector calibration and lacks practical details of the setup, such

as the measurement frequency or connector types (coaxial/on-wafer). Furthermore,

the load-pull on the thru and line standards is conducted before the final system

configuration, meaning the approach still suffers from the errors discussed in Chap-

ter 6. Implementing this method in commercial load-pull setups is challenging, as

most software does not allow load-pull operations with uncalibrated data. Using

uncalibrated data could reduce effectiveness due to a lack of prior knowledge about

effective Smith chart coverage.

This chapter proposes a large signal correction methodology [5] which is an

expansion on the traditional large-signal calibration procedure. An additional step

is added to allow for a ”recalibration” of the system once it is configured in its final

measurement state. The additional step uses the underlying algorithm from [4] but

applies it in a different way. In [4], a large dataset of measured waves is collected

across the Smith chart for the computation of updated thru and line s-parameter

matrices. The load-pull on the standards was performed prior to setting up the

system for measurement on an uncalibrated, unperturbed system and subsequently

tested on an unperturbed system, prior to correction the error was only 0.06 dB. This
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method expands on this by integrating it seamlessly into a standard large signal

calibration measurement system and the algorithm is applied at a stage to yield

the most effective error correction. This allows for the mitigation of random and

mechanical error issues discussed in Chapter 6. The chapter details the theory and

implementation of the authors second-step calibration technique and demonstrates

its effectiveness in improving measurement accuracy for real mm-wave devices in

both active and passive measurement systems.

7.2 Procedure

The second-step calibration method in a practical load-pull measurement process

flow is outlined below:

1. Perform a large-signal calibration.

2. Configure the system into its final measurement state by adding circulators,

bias-tee and amplifiers.

3. Perform an LP measurement on the thru standard.

4. Perform an LP measurement on the line/s standard.

5. De-embed the calibration from the LP measurements to obtain uncorrected

measured waves.

6. Perform a least squares operation on the uncorrected measured waves to cal-

culate two new ”equivalent” S-parameter matrices for the thru and line stan-

dards.

7. Recompute the TRL calibration coefficients using the new S-parameter matri-

ces for the thru and line along with the original reflect S-parameter matrix.

This chapter focuses on TRL/mTRL applications due to their superior accuracy

at mm-wave frequencies [6], [7]. However, the author sees no inherent reason why the
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proposed method cannot be applied to other calibration techniques that utilise at

least one line or thru standard, though a reduction in performance can be expected.

A two-step calibration solution using the proposed method is presented. The

process begins with a standard calibration (Step 1), followed by a second calibra-

tion (Steps 3–7) that incorporates the method proposed in [4]. This method consists

of performing a load-pull on the thru calibration standard, collecting the measured

waves and performing a least squares method to generate an equivalent s-parameter

matrix, this is performed once the system is mechanically stable. It is crucial to

emphasise the necessity of performing Step 1 for at least two reasons. Firstly, in

on-wafer systems, absolute power calibration inherently requires mechanical adjust-

ments to connect the coaxial calibration kit for extended calibration and the power

meter for the power reference. Secondly, the vector calibration provides an initial

estimate of the corrected ΓL at the DUT, essential in mm-wave on-wafer systems

due to the significant discrepancy between the reflection coefficient at the receiver

and DUT planes. This initial estimate ensures that the load-pull measurements in

Steps 3–4 achieve adequate Smith chart coverage.

Knowing the Smith chart coverage is critical for maximising the accuracy of the

technique. As demonstrated in [4], the method’s accuracy improves as the radius of

the reflection coefficient increases.

7.3 Method

7.3.1 Theory

The method is based on the condition that the physical network parameters of the

thru and line standards are independent of ΓL, while the measured network pa-

rameters can depend on ΓL [4]. A least-squares algorithm generates ”equivalent”

measured S-parameters for the thru and line standards, which minimises the devi-

ation across the set of ΓL conditions. Specifically, if n different ΓL conditions are

measured, the uncorrected waves b0, b3, a0, and a3 can be assembled into a matrix
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equation representing the standard S-parameter relationship, as shown below.

b0,1 ... b0,n

b3,1 ... b3,n

 =

[
SRaw

]a0,1 ... a0,n

a3,1 ... a3,n

 (7.1)

where SRaw is the equivalent S-parameter matrix of either the thru or line.

The Moore-Penrose pseudo-inverse is used as part of the least squares method

to derive SRaw due to a rectangular A matrix. In MATLAB, the pinv function can

perform this operation efficiently.

SRaw = A+B (7.2)

where

A+ = (ATA)−1AT . (7.3)

The methodology is designed for practical implementation because most com-

mercial LP software provides the calibrated waves and the error box coefficients in

a calibration and measurement file. This method uses uncorrected waves derived

from the measured waves and the original calibration coefficients.

The large-signal calibration equation that converts raw to calibrated waves has

been presented in previous chapters; however, it is repeated here for convenience:



b1,d

a1,d

b2,d

a2,d


=

1

e10



1

e01
−e00
e01

0 0

e11
e01

−∆EA

e01
0 0

0 0
1

e32
−e33
e32

0 0
e22
e32

−∆EB

e32





b1,m

a1,m

b2,m

a2,m


(7.4)

Only the relative terms are modified in this method, while the absolute scaling

term, e10, remains unchanged. The measured waves are obtained from the known

calibrated waves and the original error coefficients by inverting the matrix error box

in (7.4).
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After converting to raw waves, a new SRaw can be calculated for the thru and

line standards. These new values are passed through the TRL calibration algorithm

using the original reflect measurement. This generates a new error box, which can

be applied to any new measurements while maintaining the original scaling factor,

e10.

As discussed in [4], the authors define a calibration quality factor used to assess

the self-consistency of the standard measurements. This chapter adopts this quality

factor to inform the selection of LP measurements required to generate a new error

box. The quality factor of the measured standards is calculated using the following

equation:

Q = det

([
Rd

] [
Rt

]−1
)

(7.5)

Ideally, the Q-factor is unitary. According to the notation in [8], [Rd] is the wave

cascading matrix for the raw uncorrected line and [RA] and [RB] are the error boxes:

[
Rd

]
=

[
RA

] [
Rl

] [
RB

]
(7.6)

with [Rl] being the cascade matrix of an ideal line, while [Rt] is the cascade matrix

of the raw uncorrected thru:

[
Rt

]
=

[
RA

] [
RB

]
. (7.7)

7.3.2 Application

In this section, the correction method is applied to the measurement of a thru

standard to demonstrate its impact. The methodology follows that outlined in

Section 7.3.1. The active and passive LP systems were configured for measurements

at 30 GHz and 82.5 GHz, respectively. The systems were set up with 35 dB and 25 dB

of attenuation between the DUT and receivers, respectively, with a calibration IF

bandwidth of 1 Hz. The calibration was performed with a source power of -10 dBm
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at the DUT plane for the active system and 0 dBm for the passive system.

The calibration setup introduces errors due to dynamic range and system alter-

ations. Based on the results from Chapter 6 and the measurement configuration

(receiver attenuation) of these systems, dynamic range considerations have a more

significant impact on the active than the passive system. This section will present

the standard calibration and the second-step procedure results, comparing the out-

comes for both systems.
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Figure 7.1: LP measurement showing calibration error for different performance
metrics versus the magnitude of ΓL for a zero-length thru on the active LP system
at 30 GHz using the original and second-step calibration coefficients [5].

In Figure 7.1, a comparison is made of the measured characteristics of a zero-

length thru using the original and second-step calibration coefficients with the active

load-pull system at 30 GHz.

For each performance metric, load dependence is observed with the original cal-
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ibration coefficients, particularly with dispersion at lower reflection coefficients for

the Γ-related terms. However, GP and b2/a1 show significant variation as the reflec-

tion coefficient moves toward the edge of the Smith chart.

When the second-step coefficients are applied, the error across all metrics is

significantly reduced. Specifically, for GP, the maximum error is reduced from 0.8 dB

to 0.06 dB; for |b2|/|a1|, it is reduced from 1.005 to 1.0012, for |ΓL/Γin| , it is reduced

from 1.14 to 0.975 and ̸ ΓL − ̸ Γin from 9.5◦ to 1.5◦. These results demonstrate the

effectiveness of the second-step calibration procedure. The method was also tested

on the passive load-pull system at E-band to further validate its applicability to

different load-pull systems.

0.0 0.1 0.2 0.3 0.4 0.5 0.6 0.7
-0.7

-0.6

-0.5

-0.4

-0.3

-0.2

-0.1

0.0

0.1

0.2

0.3
Original
Second step

| L|

G
P

(d
B)

(a) GP

0.0 0.1 0.2 0.3 0.4 0.5 0.6 0.7
0.96

0.97

0.98

0.99

1.00

1.01

1.02

1.03

1.04
Original
Second step

|B
2 /

 A
1|

| L|

(b) |b2/a1|

0.0 0.1 0.2 0.3 0.4 0.5 0.6 0.7
0.80

0.85

0.90

0.95

1.00

1.05

1.10

1.15

1.20
Original
Second step

|
L| 

 / 
 |

in
| 

| L|

(c) |ΓL/Γin|

0.0 0.1 0.2 0.3 0.4 0.5 0.6 0.7
-30

-25

-20

-15

-10

-5

0

5

10

15

20

25

30
Original
Second step

 
L 

 - 
in

 ( o
 )

| L|

(d) ̸ ΓL − ̸ Γin

Figure 7.2: LP measurement showing calibration error on performance metrics ver-
sus the magnitude of ΓL for a zero-length thru on the passive LP system at 82.5 GHz
using the original and second-step calibration coefficients [5].

In Figure 7.2, a comparison is made of the measured characteristics of a zero-
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length thru using the original and second-step calibration coefficients with the pas-

sive load-pull system at 82.5 GHz.

When the second-step coefficients are applied, the error across all metrics is sig-

nificantly reduced. Specifically, for GP, the maximum error is reduced from 0.65 dB

to 0.2 dB; for |b2|/|a1|, it is reduced from 0.97 to 0.985, for |ΓL/Γin| , it is reduced

from 0.84 to 0.97 and ̸ ΓL − ̸ Γin from 26◦ to 4◦.

The second-step calibration procedure was applied to the calibration uncertainty

arising from mechanical alterations discussed in Chapter 6 for each frequency and

system to validate the method further.
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Figure 7.3: LP measurements of power gain in decibels for a zero-length thru on the
active LP system at 30 GHz using the original (a) and (c) and second-step (b) and
(d) calibration coefficients.

In Figure 7.3, (a) and (c) are the calibration uncertainties taken from Figures 6.17a
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and 6.17b, respectively. The second-step technique was applied to both datasets to

evaluate the improvement in error. In both cases, the calibration error was reduced

from 0.8 and 0.65 dB to 0.05 dB.
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Figure 7.4: LP measurements of power gain in decibels for a zero-length thru on the
passive LP system at 27.5 GHz using the original (a) and (c) and second-step (b)
and (d) calibration coefficients.

In Figures 7.4, (a) and (c) are calibration uncertainty taken from Figures 6.17 (a)

and (b), respectively. The second-step technique was applied to both datasets to

evaluate the improvement in error. In both cases, the calibration error was reduced

from 0.35 dB to 0.2 and 0.25 dB.

In Figure 7.5, (a) and (c) are calibration uncertainty taken from Figures 6.19a

and 6.19b, respectively. The second-step technique was applied to both datasets to

evaluate the improvement in error. In both cases, the calibration error was reduced
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Figure 7.5: LP measurements of power gain in decibels for a zero-length thru on the
passive LP system at 82.5 GHz using the original (a) and (c) and second-step (b)
and (d) calibration coefficients.
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from 0.6 dB to 0.2 dB and 0.15 dB.

The quality factor from (7.5) is applied to the measurement example shown

in Figure 7.5 (a) and (b) at 82.5 GHz using the passive system. The results are

summarised in Table 7.2, which demonstrates that the self-consistency of the method

improves when LP measurements are performed on both the thru and line standards.

Excluding the line standard has no significant effect on GP as evidenced by the

dynamic range simulations in Chapter 6, where GP is only influenced by noise added

to the thru standard. The error on the line standard would instead manifest in the

calibration’s reference impedance.

Table 7.1: Calibration Quality Factor.

Standards Quality Factor

Ideal 1 + j0

Thru 1.042 - j0.0004

Thru + Line 0.998 + j0.008

Table 7.2: Second-Step Calibration Technique Summary.

Parameter Vs Standard Method Comment

Calibration Time Small Increase Additional Load-Pull

Accuracy Large Increase No added error from set-up

Complexity Small Increase A simple least squares operation

Applicability Same Can be applied on all systems.

7.4 Device Measurement

This section applies the second-step calibration methodology to the measurement

of mm-wave devices using both passive and active systems. The DUT was ini-

tially measured using the original calibration coefficients, and in post-processing,

the second-step calibration coefficients are applied. The device’s large-signal met-

rics are then compared for each calibration method.
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Figure 7.6: Qorvo GaN HEMT with a gate length of 0.15 µm and periphery of
6×30 µm.

The calibration was performed using a TRL calibration kit on the same wafer as

the DUT, with the reference plane set at the centre of the thru standard to avoid

de-embedding the feed lines when evaluating device performance at the gate/drain

manifold [9], [10]. The calibration reference planes are indicated on the images of

each device.

7.4.1 Ka-band GaN HEMT

The active system was used to demonstrate the calibration technique applied to the

load-pull characterisation of a Qorvo GaN HEMT with a gate length of 0.15 µm and

a periphery of 6×30 µm at 30 GHz. The measurement system was configured with

35 dB of attenuation between the receivers and the measurement reference plane,

and the calibration power was -10 dBm at the DUT.

After configuring the system for device measurement, an LP measurement was

performed on the thru standard to determine the calibration error. The second-step

calibration procedure was applied in post-processing, and the results were compared.

The results presented here are the same as those shown in Figure 7.1(a).

Figure 7.7 shows the calibration error using the original and second-step calibra-

tion coefficients. A reduction in calibration error is observed at ΓL = 0.95 with the

error decreased from 0.9 to 0.06 dB.

A standard LP characterisation of the GaN HEMT was performed using the origi-

nal calibration coefficients. This involved a load-pull around the optimum impedance

for power and a subsequent power sweep at the optimum impedance for a power
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Figure 7.7: LP measurement of power gain in decibels versus the magnitude of ΓL

for a zero-length thru on the active LP system at 30 GHz [5].

and PAE match.

(a) GP (dB) (b) Pout (dBm)

(c) PAE (%) (d) DCRF (%)

Figure 7.8: LP contours of the Qorvo 6 × 30 µm GaN HEMT at 30 GHz with VD

= 24 V, IDQ = 50 mA/mm and PAv = 24.3 dBm were measured using the active
LP system. Contours are plotted, showing the original and second-step coefficients.
The gain and output power are plotted using 0.5 dB contours with a maximum of
11 dB and 28 dBm, respectively. The PAE and DCRF are plotted using 5% contours
with a maximum of 50% and 55%, respectively [5].

Figure 7.8 shows the load-pull contours of device performance metrics, high-

lighting a contour size and position difference between the original and second-step

calibration coefficients. The mean differences across all measured load conditions

are 0.08 dB, 0.08 dB, 0.8% and 0.8% for GP, Pout, PAE and DCRF, respectively.
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Figure 7.9: Power sweep of the Qorvo 6×30 µm GaN HEMT at 30 GHz tuned for an
optimum output power match with a ΓL = 0.8̸ 93◦. The device operating conditions
were VD = 24 V, IDQ = 50 mA/mm using the active LP system. Showing a com-
parison of GP, Pout, PAE and DCRF using the original and second-step calibration
coefficients [5].
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Figure 7.10: Power sweep of the Qorvo 6 × 30 µm GaN HEMT at 30 GHz tuned for
an optimum PAE match with a ΓL = 0.9̸ 96◦. The device operating conditions were
VD = 24 V, IDQ = 50 mA/mm using the active LP system. Showing a comparison of
GP, Pout, PAE and DCRF using the original and second-step calibration coefficients
[5].
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The device was characterised across power levels to evaluate the difference be-

tween the original and second-step coefficients at the optimum impedance for output

power and PAE.

The optimum for a power match occurred at ΓL = 0.8̸ 93◦, while the PAE match

was closer to the edge of the Smith chart, at ΓL = 0.9̸ 96◦. The results show a minor

difference in gain and output power, translating to a moderate difference in PAE

and DCRF at compression. For Figure 7.9, the maximum differences are 0.12 dB,

0.12 dB, 1.4% and 1.5% for GP, Pout, PAE and DCRF, respectively.

For Figure 7.10, the maximum differences are 0.2 dB, 0.2 dB, 2.5% and 2.5% for

GP, Pout, PAE and DCRF, respectively.

7.4.2 E-band GaAs pHEMT

The passive system was used to demonstrate the calibration technique applied to the

load-pull characterisation of a Qorvo GaAs pHEMT with a gate length of 90 nm and

a periphery of 6×30 µm at 82.5 GHz. The measurement system was configured with

25 dB of attenuation between the receivers and the measurement reference plane,

and the calibration power was set to 0 dBm at the DUT.

Figure 7.11: Qorvo GaAs pHEMT with a gate length of 90 nm and periphery of
6×30 µm.

After configuring the system for device measurement, an LP was performed on

a zero-length thru to determine the calibration error. Figure 7.12 shows the error

using the original and second-step coefficients error. The results presented here are

the same as those shown in Figure 7.2(a).
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Figure 7.12: LP measurement of power gain in decibels versus the magnitude of ΓL

for a zero-length thru on the passive LP system at 82.5 GHz [5].

Figure 7.7 shows the calibration error using the original and second-step calibra-

tion coefficients. The second-step coefficients reduce the error to the baseline for

this measurement system at this frequency. A reduction in error at ΓL = 0.65 is

observed with a decreased error from 0.65 to 0.1 dB.

A standard LP characterisation of the GaAs HEMT was performed using the

original calibration coefficients. This involved a load-pull around the optimum

impedance for output power, followed by a power sweep at the optimum impedance

for a power match. Due to the limited tuning range of the passive tuners, closed

contours were not achievable, and the power sweep was instead performed at the

closest impedance to the optimum for output power.

In Figure 7.13, the load-pull contours of the device performance metrics are

shown. All the contour plots exhibit differences in contour size and position, with

each plot showing an additional contour for the second-step coefficients compared to

the original. The mean differences across all measured load conditions were 0.35 dB,

0.32 dB, 7.1% and 3.6% for GP, Pout, PAE and DCRF, respectively.

The device was characterised across a power sweep to evaluate the difference in

performance metrics between the original and second-step coefficients at the opti-

mum impedance for output power.
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(a) GP (dB) (b) Pout (dBm)

(c) PAE (%) (d) DCRF (%)

Figure 7.13: LP contours of the Qorvo 90 nm GaAs pHEMT at 82.5 GHz with VD =
3.5 V, IDQ = 50 mA/mm and PAv = 21.1 dBm were measured using the passive LP
system. Contours were plotted, showing the original and second-step coefficients.
The gain and output power are plotted using 0.5 dB contours with a maximum of
1.5 dB and 18 dBm, respectively. The PAE and DCRF are plotted using 2.5% and
5% contours with a maximum of 15% and 55%, respectively [5].

The optimum for a power match was at ΓL = 0.7̸ 179◦. The results show a mod-

erate gain and output power difference, which translates to a significant difference

in PAE and DCRF at compression. For Figure 7.14, the maximum differences are

0.32 dB, 0.32 dB, 9.7% and 4.6% for GP, Pout, PAE and DCRF, respectively.

A further verification step is performed for the measurement of the GaAs device.

This chapter argues that the second-step calibration procedure should be used when

an operator sees a calibration error following the verification load-pull measurement.

In theory, this should only be required when the calibration cannot be performed

with the system configured in its final measurement state. This case was demon-

strated in the system characterisation section from Chapter 6, where a reasonable

calibration error was achieved when the load-pull verification measurement immedi-

ately followed calibration. This knowledge can be used to verify the validity of the

second-step calibration technique.

In the ideal case, the gain circles derived from S-parameter measurements at the

same quiescent point should perfectly overlap the power gain contours from an LP
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Figure 7.14: Power sweep of the Qorvo 6×30 µm GaAs pHEMT at 30 GHz tuned for
an optimum power match with a ΓL = 0.7̸ 179◦. The device operating conditions
were VD = 3.5 V, IDQ = 50 mA/mm using the passive LP system. Showing a com-
parison of GP, Pout, PAE and DCRF using the original and second-step calibration
coefficients [5].
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measurement when the device is operated in a linear backed-off condition.

These measurements are performed on the pHEMT device at 82.5 GHz as the

device is unconditionally stable, power gain circles can be derived. The same device

was used for the load-pull measurement and S-parameters to avoid device-to-device

discrepancies. The S-parameters were measured on a dedicated S-parameter mea-

surement system.

Figure 7.15: On-wafer S-parameter measurement system using the Keysight exten-
der modules for frequencies up to 120 GHz.

The sample was loaded onto the vacuum chuck of the system in Figure 7.15, and

an mTRL calibration [11] was performed due to its superior calibration accuracy at

mm-wave [6], [7]. The line standards used in the calibration had a delay of 3, 7.6

and 21.9 ps, giving a valid calibration range of 3-120 GHz; the measurement system

capability limits the upper frequency.

The S-parameter power gain circles are calculated using the following equations

[12]:

The centre of the power gain circles is found using:

CP =
gpC

∗
2

1 + gp(|S22|2 − |∆|2)
(7.8)
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where

gp =
GP

|S2
21|

(7.9)

Where GP is the desired gain circle expressed as a linear quantity.

Where

∆ = S11S22 − S21S12 (7.10)

and

C2 = S22 − ∆S∗
11 (7.11)

The radius of the circles are found using:

RP =

√
1 − 2K|S12S21|gp + |S12S21|2g2p

|1 + gp(|S22|2 − |∆2|)|
(7.12)

Where K is Rollett’s stability factor and is calculated:

K =
1 − |S11|2 − |S22|2 + ∆2

2|S21S12|
(7.13)

Figure 7.16 shows the translation of S-parameter derived gain circles and the

measured gain contours from LP in a backed-off condition (available input power

of -2.5 dBm, the onset of compression is at approximately 16.5 dBm). Using the

second-step calibration coefficients, the power gain from the load-pull better fits

the S-parameter-derived power gain circles over the original calibration coefficients.

The error at each measured reflection coefficient is calculated using the following

equations.

The S-parameter power gain at each measured load-pull reflection coefficient is

calculated using:

GP,S =
|S21|2(1 − |ΓL|2)

(1 − |ρin|2)|1 − S22ΓL|
(7.14)
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(a) (b)

Figure 7.16: LP power gain contours and small-signal power gain circles of a GaAs
pHEMT measured at 82.5 GHz in a backed-off state, PAv = -2.5 dBm, for (a) original
and (b) second-step calibration coefficients. The device was biased at VD = 3.5 V
and IDQ = 50 mA/mm. Maximum gain contour is 1.75 dB with 0.25 dB contours [5].

Where ρin is the S-parameter input reflection coefficient and is calculated:

ρin = S11 +
S12S21ΓL

1 − S22ΓL

. (7.15)

Using these equations, the mean error between the S-parameter and LP power

gain across all 54 measured load conditions is 0.25 dB for the original calibration

coefficients and 0.09 dB for the second-step calibration coefficients.

These measurements demonstrate the effectiveness of the second-step calibration

technique in improving the accuracy of device measurements. The characterisation

of the GaAs device highlights a specific case where calibration accuracy is crucial.

Despite the limited range of the passive tuners, the technology is operated closer to

fmax where the gain is limited, especially in a compressed state. Minor calibration

errors can lead to significant measurement inaccuracies, with differences in gain,

output power, PAE and DCRF of up to 0.32 dB, 0.32 dB, 9.7% and 4.6%. These

discrepancies substantially impact the performance metrics and could ultimately be

the difference between the success or failure of a tapeout.
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7.4.3 Error Correction Analysis

From a practical perspective, it is not immediately clear how the error in power gain

propagates to the device’s measurement after the operator performs the verification

load-pull measurement on the thru standard.

(a) (b)

Figure 7.17: LP contours of power gain difference between original and second-step
calibration coefficients. 0.1 dB step. (a) Thru standard and (b) GaN device at
30 GHz [5].

From Section 7.4.1, it’s apparent that the observed calibration error X dB of the

thru standard LP measurement does not directly translate to an X dB error when

measuring the power gain of the DUT. This is demonstrated directly in Figure 7.17,

which shows the difference in power gain between the original and second-step cali-

bration coefficients. There is a change in contour shape and the magnitude of error

appears to be higher for the GaN device at a high reflection coefficient. Using (7.16),

the load-dependence of the error correction of the method described in this section

can be analysed.

GP =
Pout

Pin

=
|b2|2 − |a2|2

|a1|2 − |b1|2
=

|b2|2(1 − |ΓL|2)
|a1|2(1 − |Γin|2)

(7.16)

where Pin, Pout are the delivered power to the input and output, respectively.

In this equation, the error in power gain is the sum of the error on the delivered

input and output power. Therefore, this section investigates the load dependence of
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error correction when the error is equally distributed between the input and output.

Using this knowledge, different DUT types are used to demonstrate the overall power

gain error depends up on the relationship between ΓL and Γin of the measured DUT.

The three device types investigated are zero-loss devices, such as a thru standard;

lossy devices, such as an RF switch; and active DUT cases.

Simulation Setup

The simulations were conducted using the setup developed and described in Section

6.4.2. First, a vector and absolute calibration was performed, followed by a load-pull

measurement on the thru standard, which showed no residual error. Next, a phase

error was introduced into the measurement system, applied equally to both the input

and output, by adding a 1.5◦ phase delay to the b1 and b2 receivers. The input side

of the measurement system with the introduced error is shown in Figure 7.18.

Figure 7.18: Receiver chain in load-pull simulation showing an additional 1.5◦ phase
delay in the b1 receiver.

The simulation was conducted with three different DUT types, which will be

detailed in the following sections. A load-pull measurement was performed with

and without the measurement system error for each case. The resulting power gain

plots are then compared and analysed.
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Zero loss DUT

In a zero loss DUT such as the thru standard, Γin = ΓL the error associated with

both the input and output parameters becomes increasingly sensitive at the same

rate as the load reflection coefficient moves towards the edge of the Smith chart,

leading to a significant error.

Figure 7.19: Schematic showing the thru standard definition and calibration refer-
ence plane.

In this simulation setup shown in Figure 7.19, the calibration was performed with

the reference plane at the centre of the thru standard, defined as a 10◦ transmission

line. The ideal and system with the error were simulated to show the error in the

power gain.

(a) Reflection Coefficient (b) Power Gain

Figure 7.20: LP simulation of the thru standard showing the (a) Ideal input and
output reflection coefficients and (b) Power gain of the system with error.

Figure 7.20 shows the simulated reflection coefficient at the input and output. In
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the ideal case, these parameters match. The phase error in the receivers results in

a power gain error of up to ±1 dB at ΓL = 0.95. This error forms the basis of the

section; this same error is directly applied to the simulation of a switch and common

source transistor to determine the error on power gain.

Lossy DUT

In a lossy DUT such as the switch, Γin < ΓL the error associated with the output

parameter is significantly more sensitive than the input due to the reduced Smith

chart coverage; this typically leads to a reduced error on power gain versus the thru

standard load-pull measurement.

Figure 7.21: LP simulation set up for the Win Semiconductor NP12-01 4 × 50 µm
switch model.

The simulation setup is shown in Figure 7.21, with a floating gate terminated with

a resistor (to improve stability); in this state, the channel is conducting, and the

switch is on. The device model used for the simulation was the Win semiconductor

NP12-01 compact CPW model. The simulation was conducted at 80 GHz and the

load impedance swept across the same points as the thru standard.

Figure 7.22 (a) shows the simulated reflection coefficient with reduced coverage

and asymmetry of the input reflection coefficient. The on-resistance of the switch

causes the asymmetry on the Smith chart. In (b), the power gain of the switch in

the ideal and error conditions shows more error around the optimum insertion loss

condition.

Figure 7.23 compares the power gain difference between the ideal system and the

system with error for the thru and switch. (a) shows that near the optimum for
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(a) Reflection Coefficient (b) Power Gain

Figure 7.22: LP simulation of the switch showing the (a) Ideal input and output
reflection coefficients and (b) Power gain contours of the ideal measurement system
and with error. The maximum contour is -0.5 dB with 1 dB contours.

(a) Switch (b) Thru

Figure 7.23: LP contours of power gain difference between the ideal measurement
system and with error. 0.1 dB step. (a) Switch and (b) Thru standard.
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power gain, the contours are similar to (b) due to the switch’s input and output

reflection coefficients being similar to the thru standard. Moving towards the short

side of the Smith chart, there is a negligible difference between the ideal and error

conditions; this is partly due to the input reflection coefficient lying within an area

with a low power gain error.

Active DUT

In an active DUT such as the common source transistor, feedback usually is low;

this results in a weak correlation between Γin and ΓL. The error associated with

the output parameter becomes more sensitive moving towards the edge of the Smith

chart, whilst the error related to the input is typically fixed due to the small radius

of Γin; the error on power gain versus the thru standard load-pull measurement is

heavily dependent of the location of Γin.

Figure 7.24: LP simulation set up for the Win Semiconductor NP12-01 4 × 50 µm
microstrip common source transistor model.

The simulation setup is shown in Figure 7.24. The device model used for the

simulation was the Win semiconductor NP12-01 compact microstrip model. The

simulation was conducted at 80 GHz and the load impedance swept across the same

points as the thru standard. The device was biased in deep-class AB at 40 mA/mm

with VG = −1.7V V and VD = 28 V.

Figure 7.25 (a) shows the simulated reflection coefficient. The input reflection
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(a) Reflection Coefficient (b) Power Gain

Figure 7.25: LP simulation of the common source transistor showing the (a) Ideal
input and output reflection coefficients and (b) Power gain contours of the ideal
system and system with error. The maximum contour is 3 dB with 2 dB contours.

coefficient is loosely correlated with the load reflection coefficient; the impedance

looking into the device always looks like a low impedance. In (b), the power gain of

the device in the ideal system and the system with error show more errors around

the optimum power gain condition.

(a) Common source transistor (b) Thru

Figure 7.26: LP contours of power gain difference between the ideal measurement
system and with error. 0.1 dB step. (a) Common source transistor and (b) Thru
standard

Figure 7.26 compares the power gain difference between the ideal system and
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the system with error for the thru and the common source transistor. (a) shows

an entirely different error profile to the thru standard due to the input reflection

coefficient always being near the short circuit, resulting in close to a fixed input-

related error across all load reflection coefficient conditions.

7.5 Conclusion

This chapter builds upon the findings presented in Chapter 6, which identified key

sources of error in mm-wave load-pull systems, particularly errors arising from sys-

tem configuration. A literature review revealed that only one method had been

published to address these errors, but it involved non-linear optimisation, which

could result in non-physical calibration coefficients.

In contrast, this chapter introduces a practical method to ”recalibrate” the

measurement system using a second-step large-signal calibration procedure. This

method requires load-pull measurements of the thru and line standards. A least

squares approach is applied to the measured a and b waves to recalculate a new

effective thru and line S-parameter matrix. These recalculated matrices are then

fed back into the original TRL calibration algorithm, along with the original reflect

measurement, to improve accuracy.

The chapter describes the authors second-step calibration method and its appli-

cation to the practical measurement of mm-wave devices. The technique was applied

to the load-pull characterisation and power sweeps of a Ka-band GaN HEMT. When

the impedance was tuned to the optimum for PAE, the method improved the ac-

curacy of power gain, output power, PAE, and DCRF by 0.2 dB, 0.2 dB, 2.5%, and

2.5%, respectively. Additionally, the load-pull characterisation of a GaAs pHEMT

at 82.5 GHz demonstrated improvements of 0.32 dB, 0.32 dB, 9.7%, and 4.6% in the

same parameters, respectively.

Simulation results showed how power gain errors measured on the thru standard

propagate to errors in DUT measurements. For a switch DUT, the power gain error

observed on the thru standard is typically greater than when measuring the switch
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insertion loss, due to the reduced coverage of Γin. For common-source devices, the

error is highly dependent on the location of Γin, which is usually concentrated in a

small area on the Smith chart.
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Chapter 8

Conclusion

Millimetre-wave systems have the potential to significantly enhance data rates, ca-

pacity, and latency for next-generation mobile and satellite networks. Additionally,

they pave the way for advancements in other areas, such as automotive radar. How-

ever, the feasibility of these systems relies on MMIC designers achieving successful

designs within a minimal number of tapeout cycles. This requires transistor models

that accurately represent device operation at mm-wave frequencies, which, in turn,

depend on reliable and accurate measurements.

This thesis addresses gaps in the literature related to mm-wave load-pull mea-

surement systems, the accuracy of these measurements, and the correction of cali-

bration errors. This chapter concludes each area and offers further research ideas to

advance the field.

Chapter 5 introduces a first-of-its-kind single-sweep harmonic source/load-pull

system with waveform measurement capability, capable of operating up to 100 GHz.

This chapter details the calibration and measurement procedures, focusing on ver-

ification processes to ensure reliability and accuracy. Measurements of a GaAs

pHEMT were conducted at both Ka-band and W-band frequencies.

The Ka-band measurements demonstrated the system’s ability to perform har-

monic load-pull, showcasing a potential improvement in performance metrics, in-

cluding a 3% increase in PAE over fundamental tuning. Waveforms at the gate and

drain manifolds were presented using data up to the third harmonic. While this data
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is valuable, it does not provide direct insight into the device’s operational mode due

to the influence of input and output parasitics.

Measurements on the same device at W-band revealed limitations in the max-

imum reflection coefficients achievable with the passive tuner, which restricted the

ability to reach the optimum impedance for power or efficiency. Despite this con-

straint, a PAE of 34.5% was achieved.

Errors identified during the device measurements highlighted the need to evaluate

the measurement accuracy of load-pull systems, which became the primary focus of

Chapter 6. This chapter provides a very useful and actionable method to verify load-

pull measurement accuracy for mm-wave systems, along with critical calibration

procedures to obtain accurate results.

The chapter establishes the best-case load-pull measurement uncertainty for both

passive and active systems by minimising potential error sources, such as dynamic

range limitations and mechanical alterations.

The analysis was performed by conducting a load-pull measurement on a thru

standard in a fully calibrated system, which revealed the baseline calibration uncer-

tainty worsens with increasing frequency. At Ka-band, the uncertainty was deter-

mined to be ±0.15 dB for both passive and active systems, while at W-band, this

increased to ±0.25 dB.

The analysis was extended to isolate mechanisms that caused a degradation

in this error. The first case was the effect of measurement error caused by a de-

graded dynamic range during calibration due to the requirement to add attenuation

to measurement receivers to prevent saturation and potential damage in high-power

load-pull measurements. This analysis was confirmed using simulation and measure-

ment and showed that to ensure a highly accurate load-pull measurement (<0.1 dB),

the calibration dynamic range must be greater than 70 dB. The second case ex-

amined unavoidable mechanical errors introduced during system configuration for

device measurement. These included errors arising from absolute calibration and

the inclusion of measurement components such as bias tees, circulators, and driver
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amplifiers. It was observed that set-up errors increased with frequency, reaching up

to 0.8 dB at a reflection coefficient of 0.7 at 82.5 GHz.

An extension of the large signal calibration procedure was presented in Chap-

ter 7, which allows an operator to perform a simple operation, independent of the

load-pull measurement system that involves taking a single measurement which is

used to significantly improve the accuracy of the measurement independent of load

condition.

The additional measurement is used to ”recalibrate” the measurement system

once it was configured for device measurement, where there is no longer a dynamic

range limitation or any further significant mechanical changes are required. This

technique was based on a load-pull measurement of a thru and line standard from a

TRL calibration kit; using the measured waves, a least squares method, an equivalent

S-parameter for the thru and line standards can be generated and used to update

the calibration coefficients and therefore minimise errors to the systems baseline

uncertainty. The method was applied to the active system, using an on-wafer GaN

HEMT measured at 30 GHz and the passive system for a GaAs HEMT at 82.5 GHz,

with a reduction in calibration error in all cases to the systems baseline uncertainty.

This thesis offers a comprehensive guide to load-pull measurement techniques,

with detailed background on the hardware and calibration techniques underpinning

every system. The work has application from research labs to industry, this the-

sis offers actionable suggestions to designers of future load-pull systems operating

at mm-wave frequencies, to produce stable and robust mechanical systems that re-

main flexible to allow for complex calibration and measurement operations to be

performed.

The second-step calibration algorithm presented can easily be integrated within

a load-pull measurement system calibration procedure, the thesis contains all the

necessary steps and equations to implement into software. This second-step calibra-

tion procedure is applicable in every load-pull measurement from high power, low

frequency systems that suffer from significant error due to a reduced dynamic range
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through to mm-wave frequency systems that suffer significantly more systematic

error. This has the potential to significantly reduce load-pull measurement error for

various applications, from designers looking for accurate performance estimations of

unit cell transistors through to foundries developing device models, more accurate

load-pull data allows for improved model accuracy.

8.1 Future Work

In Chapter 5, an underlying issue with the measurement system is the difficulty in

performing load-pull measurements on GaN devices and for the GaAs device when

measuring near the Fmax. These devices have an optimum fundamental impedance

for output power near the edge of the Smith chart, which was beyond the range

of the passive tuner. This issue is also a limitation when attempting to maximise

performance by tuning harmonic frequencies. To further improve the functionality

of the measurement system, hybrid tuning should be implemented; this will allow

an extended tuning range. Several issues can be foreseen when moving to a hybrid

system. The first issue concerns the availability of driver amplifiers on the mar-

ket that could be used to extend the useable range of reflection coefficients. The

additional power requirement for active tuning provides a difficult challenge as the

load-pull amplifier will require an output power several times larger than the device

under test. However, for harmonic tuning, this should be less of a challenge as when

the device is pushed into compression, the harmonic output power is many orders

of magnitude below the fundamental output power.

Another challenge foreseen is developing an active source that can be accurately

controlled by the load-pull algorithm. As the source is unconverted for frequencies

above 67 GHz, the phase and amplitude relationship between the VNA and the DUT

varies non-linearly and would provide many convergence challenges for the load-pull

algorithm. Developing an IQ modulator to allow for a linear change in amplitude

and phase of a2 after the up-converter would mitigate these issues.

Another avenue for future research stems from Chapter 5, where waveform mea-
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surements at the extrinsic plane of the device were demonstrated. However, wave-

forms at the current generator plane are required to be more useful in understanding

the device’s mode of operation. At mm-wave frequencies (up to 120,GHz), the par-

asitics between the measurement plane and the current generator plane become

significant. To better understand the device, it is therefore essential to de-embed

these parasitics.

Established practices [1], [2], and [3] model a device using approximately 14

lumped elements, relying on direct extraction strategies to match measurement data.

While these strategies work effectively up to 26.5 GHz, they struggle to achieve an

accurate match at higher frequencies. Above 26.5 GHz, distributed effects become

prominent, requiring an increase in the order of the extrinsic LC circuits. This ap-

proach has been proven successful for GaAs devices up to 120 GHz [4], where the

authors developed test structures to extract different ”shells” of the model individ-

ually.

For GaN devices, however, these architectures and extraction procedures tend

to yield inaccurate models. This issue is addressed in [5], which develops an ac-

curate GaN model extraction procedure up to 40 GHz by combining direct and

optimisation-based extraction techniques. Despite these advancements, further re-

search is required to develop accurate lumped-element models for GaN devices be-

yond 40 GHz. Such models would allow the use of results generated by the load-pull

system to visualise the waveforms at the current generator plane.

These works pave the way for numerous investigations to advance this area.

Waveform measurements at these frequencies remain relatively novel, with limited

literature available. Key areas for further study include the model accuracy required

to obtain reliable and actionable intrinsic waveforms and the impact of calibration

strategies and algorithms on model extraction, particularly beyond 80 GHz.
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